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Reciprocity is a fundamental physical precept that governs wave propagation in a wide va-
riety of physical domains. The various reciprocity theorems state that the response of a
system remains unchanged if the excitation source and the measuring point are interchanged
within a medium, and are closely related to the concept of time reversal symmetry in physics.
Lorentz reciprocity is a fundamental characteristic of linear, time-invariant electronic and
photonic structures with symmetric permittivity and permeability tensors. However, break-
ing reciprocity enables the realization of nonreciprocal components, such as isolators and
circulators, which are critical to electronic, optical and acoustic systems, as well as new
functionalities and devices based on novel wave propagation modes.
Nonreciprocal components have traditionally relied on magnetic materials such as ferrites
that lose reciprocity under the application of an external magnetic field through the Faraday
Effect. The need for a magnetic bias limits the applicability of such approaches in small-form-
factor Complementary Metal–Oxide–Semiconductor (CMOS)-compatible integrated devices.
One of the main features of CMOS technology is the availability of high-speed transistor
switches which can be turned ON and OFF, modulating the conductance of the medium.
In this dissertation, a novel approach to break Lorentz reciprocity is presented based
on staggered commutation in Linear Periodically-Time-Varying (LPTV) circuits. We have
demonstrated the world’s first CMOS passive magnetic-free nonreciprocal circulator through
spatio-temporal conductivity modulation. Since conductivity in semiconductors can be mod-
ulated over a wide range (CMOS transistor ON/OFF conductance ratio at Radio Frequency
(RF)/millimeter-wave frequencies is as high as 103-105), commutated LPTV networks break
reciprocity within a deeply sub-wavelength form-factor with low loss and high linearity.
The resulting nonreciprocal components find application in the antenna interfaces of
wireless communication systems, connecting the Transmitter (TX) and the Receiver (RX)
to a shared antenna. This is particularly important for full-duplex wireless, where the TX and
the RX operate simultaneously at the same frequency band and need to be highly isolated
in order to maintain receiver sensitivity. Multiple fully-integrated full-duplex receivers are
demonstrated in this dissertation that best show the synergy between the physical concept
and application-based implementations by using circuit techniques to benefit the system-
level performance, such as TX-side linearity enhancement, co-design and co-optimization of
the antenna interface and the RX and utilization of the multi-phase structure of our antenna
interfaces for analog beamforming in multi-antenna systems.
Finally, this dissertation discusses some of the fundamental limits of space-time modu-
lated nonreciprocal structures, as well as new directions to build nonreciprocal components
which can ideally be infinitesimal in size. A novel family of inductor-less nonreciprocal
components including circulators and isolators have been demonstrated that achieve a wide
tuning range in an infinitesimal form-factor. This family of devices combine reciprocal and
nonreciprocal modes of operation, through the transfer properties of fundamental and har-
monics of the system and enable a wide variety of functionalities.
Table of Contents
List of Figures v




Chapter 1: Introduction 1
1.1 A Brief History of (Non-)Reciprocity . . . . . . . . . . . . . . . . . . . . . . 1
1.2 Violation of Reciprocal Relations . . . . . . . . . . . . . . . . . . . . . . . . 6
1.2.1 Using Faraday Effect . . . . . . . . . . . . . . . . . . . . . . . . . . . 7
1.2.2 Using Active-Biased Transistors . . . . . . . . . . . . . . . . . . . . . 10
1.2.3 Using Nonlinearity . . . . . . . . . . . . . . . . . . . . . . . . . . . . 12
1.2.4 Using Time-Variance . . . . . . . . . . . . . . . . . . . . . . . . . . . 14
1.3 Applications of Nonreciprocity . . . . . . . . . . . . . . . . . . . . . . . . . . 21
1.4 Thesis Overview . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 22
Chapter 2: Integrated Magnetic-Free Passive Circulators 25
2.1 Phase Nonreciprocity in N-Path Filters . . . . . . . . . . . . . . . . . . . . . 26
2.1.1 Frequency Up/Down-Conversion and Filtering-Based Explanation . . 28
i
2.2 Linearity-Enhanced Circulator Topology . . . . . . . . . . . . . . . . . . . . 30
2.2.1 Loss, Isolation and Linearity Enhancement Under Non-Idealities . . . 33
2.2.2 Tuning Range of the Circulator . . . . . . . . . . . . . . . . . . . . . 35
2.2.3 Effect of Inductor Quality Factor . . . . . . . . . . . . . . . . . . . . 36
2.2.4 TDD Mode of Operation . . . . . . . . . . . . . . . . . . . . . . . . . 37
2.3 Implementation . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 38
2.4 Measurement Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 39
2.5 Conclusion . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 47
Chapter 3: Applications of CMOS Magnetic-Free Passive Circulators in
Full-Duplex Receivers 48
3.1 Full-Duplex Wireless . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 48
3.2 Challenges Associated with Integrated FD Radios . . . . . . . . . . . . . . . 49
3.2.1 Compact Antenna Interfaces for Full-Duplex . . . . . . . . . . . . . . 49
3.2.2 Achieving >100 dB SI Suppression . . . . . . . . . . . . . . . . . . . 50
3.2.3 Transceiver Non-Idealities . . . . . . . . . . . . . . . . . . . . . . . . 52
3.3 Full-Duplex Receiver with Integrated Magnetic-Free Circulator . . . . . . . . 52
3.3.1 System Requirements . . . . . . . . . . . . . . . . . . . . . . . . . . . 53
3.3.2 Implementation Details . . . . . . . . . . . . . . . . . . . . . . . . . . 56
3.3.3 Measured Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 56
3.4 Circulator-Receivers . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 63
3.4.1 FD System Requirements and Circulator-Receiver Evolution . . . . . 64
3.4.2 Analysis of Integrated Circ.-RX Performance Metrics . . . . . . . . . 69
3.4.3 Implementation . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 76
3.4.4 Measurement Results . . . . . . . . . . . . . . . . . . . . . . . . . . . 81
3.4.5 Comparison to the State of the Art . . . . . . . . . . . . . . . . . . . 84
3.4.6 FD Demonstration . . . . . . . . . . . . . . . . . . . . . . . . . . . . 85
3.5 Multi-Antenna Full-Duplex Systems . . . . . . . . . . . . . . . . . . . . . . . 88
3.5.1 Full-Duplex Circulator-Receiver Phased-Array . . . . . . . . . . . . . 88
ii
3.5.2 Full-Duplex MIMO . . . . . . . . . . . . . . . . . . . . . . . . . . . . 92
3.6 Conclusion . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 96
Chapter 4: Inductor-less Nonreciprocity Based on Harmonic Engineering 97
4.1 Introduction . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 97
4.2 LPTV Shekel Circulators . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 100
4.2.1 Harmonic Engineering Concept . . . . . . . . . . . . . . . . . . . . . 100
4.2.2 Shekel LPTV Circulator Implementations . . . . . . . . . . . . . . . 105
4.2.3 Measured Results - Large-RC-Regime . . . . . . . . . . . . . . . . . . 108
4.2.4 Measured Results - Low-RC-Regime . . . . . . . . . . . . . . . . . . 111
4.2.5 Summary and Comparison Table . . . . . . . . . . . . . . . . . . . . 112
4.3 LPTV Inductor-less Isolators . . . . . . . . . . . . . . . . . . . . . . . . . . . 114
4.3.1 RF Widely-Tunable Inductor-less Isolator . . . . . . . . . . . . . . . 114
4.3.2 Inductor-less Wideband Isolator . . . . . . . . . . . . . . . . . . . . . 117
4.4 Conclusion . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 120
Chapter 5: Conclusion 122
5.1 Thesis Summary . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 122
5.2 Future Directions . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 124
5.2.1 Enhancing the Linearity of Magnetic-Free Nonreciprocal Components 124
5.2.2 Co-Design of Magnetic-Free Circulators along With Transmitters and
Antennas . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 124
5.2.3 Other Applications of Magnetic-Free Circulators . . . . . . . . . . . . 125
5.2.4 Topological Metamaterials Using Spatio-Temporal Modulation of Con-
ductivity . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 125
Bibliography 126
Appendix A: Synthesizing Higher Order N-Path Filters 148
A.1 Revival of N-Path Filters . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 148
iii
A.2 Design of Higher Order N-Path Filters . . . . . . . . . . . . . . . . . . . . . 149
A.3 Design Trade-Offs and Loss Factors . . . . . . . . . . . . . . . . . . . . . . . 155
A.4 Implementation and Measurement Results . . . . . . . . . . . . . . . . . . . 156
Appendix B: LPTV Analysis of N-Path Filters With Embedded Phase-
Shifting 159
B.1 Two-port N-path Filter Analysis with Relative Phase-Shift Between Input and
Output Clocks . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 159
B.1.1 Case I (0 < τd < Ts/N) . . . . . . . . . . . . . . . . . . . . . . . . . . 161





) . . . . . . . . . . . . . . . . . . . . . . . . 163
B.1.3 Impact of Switch Resistance and Noise . . . . . . . . . . . . . . . . . 164
B.1.4 Simulation Results . . . . . . . . . . . . . . . . . . . . . . . . . . . . 165
B.2 Applications, Implementation and Measurements . . . . . . . . . . . . . . . 171
B.2.1 Two-port Phase-Shifting Gm − C N-path Filter Design . . . . . . . . 172
B.2.2 Measurement Results . . . . . . . . . . . . . . . . . . . . . . . . . . . 173
Appendix C: LPTV Analysis of N-Path-Based Circulators 174
C.1 Analysis of Ideal N-Path-Based Circulator . . . . . . . . . . . . . . . . . . . 174
C.2 Analysis of N-Path-Based Circulator: Non-Ideal Gyrator . . . . . . . . . . . 178
C.3 Tuning Range of N-Path-Based Circulator . . . . . . . . . . . . . . . . . . . 181
Appendix D: Harmonic Conversion Matrices Analysis of SAW-Based Cir-
culators 183
D.1 Theoretical Analysis Based on Conversion Matrices . . . . . . . . . . . . . . 184
D.2 Electro-Acoustic Gyrator Simulations . . . . . . . . . . . . . . . . . . . . . . 189
Appendix E: LPTV Verification of the Harmonic Engineering Concept 192
E.1 Sampling versus Mixing Region . . . . . . . . . . . . . . . . . . . . . . . . . 193
E.2 LPTV Analysis of Two-Port N-Path Structure for Z0C ≈ D × Ts . . . . . . . 196
iv
List of Figures
Figure 1.1: The microwave gyrator introduced by Hogan in [14] (top) and its oper-
ation principle as it appeared in the original manuscript (bottom). 3
Figure 1.2: (a) A conceptual diagram of unilateral parametric amplification using a
circulator to separate the input and the output ports [18]. (b) The nonreciprocal para-
metric amplifier proposed in [17]. (c) A block diagram of the nonreciprocal parametric
three-port circulator proposed in [15]. (d) A nonreciprocal parametric amplifier using
a 90◦ hybrid [16]. 5
Figure 1.3: The linear, periodically time-varying RF circulator developed in [19]
based on a switched-delay structure. A,B and C are transmission lines terminated
with short circuits for perfect reflection. 6
Figure 1.4: A three-port circulator based on active-biased transistors in a loop [20]. 6
Figure 1.5: The concept of Faraday rotation. (a) A material of length d and an
applied magnetic field of H0. (b) A wave propagating in the material experiences no
Faraday rotation in the absence of the magnetic bias. (b) In the presence of a magnetic
bias in the positive z direction, a wave traveling from left to right experiences Faraday
rotation because of the difference in the propagation velocities of right-handed and
left-handed circularly polarized waves, whereas (c) a wave traveling in the negative z
direction experiences an opposite rotation. 8
v
Figure 1.6: (a) A quasi-circulator conceptual diagram. (b) The schematic of the
MMIC quasi-circulator implemented in [33]. 11
Figure 1.7: (a) The FET-loaded ring resonator concept. (b) The isolator and (c)
circulator prototypes developed in [37]. 12
Figure 1.8: A principle of nonlinear nonreciprocity with an asymmetric physical
geometry and a strong mismatch at the interface between the two media [40]. 13
Figure 1.9: A block diagram of the nonlinear isolator implemented in [39,46]. 14
Figure 1.10: (a) The schematic and concept of a parametric, time-varying trans-
mission line and its frequency conversion. (b) The PCB photo of the implementation
in [52]. 17
Figure 1.11: (a) Spatio-temporal permittivity modulation in a ring resonator, (b)
the implementation of a ring resonator by three separate LC tanks, and (c) the PCB
photo of the implementation in [71]. 18
Figure 1.12: An early mechanical implementation of commutated networks [74, 75]. 19
Figure 1.13: An overview of the research performed in this doctoral thesis. 23
Figure 2.1: (a) A wave propagating through a commutated network with no stagger-
ing experiences no phase shift. (b) Staggered commutation acts as a bias that breaks
time reversibility, producing a phase shift for waves traveling from left to right and (c)
an opposite phase shift for waves traveling from right to left. 26
Figure 2.2: The nonreciprocal phase response of a two-port N-path filter with phase-
shifted clocks. 27
vi
Figure 2.3: An intuitive frequency conversion and filtering-based explanation of the
nonreciprocal phase response of a two-port N-path filter with phase-shifted clocks. 29
Figure 2.4: Nonreciprocal wave propagation achieved by placing the two-port N-
path filter with +/-90◦ phase-shift within a 3λ/4 transmission line loop. (a) Boundary
condition is satisfied in the clockwise direction. (b) Violation of boundary condition
in the counter-clockwise direction. 31
Figure 2.5: A general representation of a 3-port circulator where the RX port is
placed at a distance l from the right-hand side of the gyrator. 32
Figure 2.6: Miniaturized linearity-enhanced circulator constructed by placing the
RX port right at the N-path filter. 33
Figure 2.7: Comparison of analysis, simulations (for varying complexity levels) and
measured results of the circulator versus Rsw for N = 8: (a) TX-ANT loss (S21), (b)
ANT-RX loss (S32), and (c) TX-RX isolation (S31). 35
Figure 2.8: Comparison of analysis, simulations (for varying complexity levels) and
measured results of the circulator versus clock frequency fs for N = 8 and Rsw = 6Ω:
(a) TX-ANT loss (S21) at fs, (b) ANT-RX loss (S32) at fs, and (c) TX-RX isolation
(S31) at fs. The transmission lines are quarter-wave at 750 MHz. 36
Figure 2.9: The simulated effect of inductor Q on the circulator’s S-parameters:
(a) TX-ANT loss (S21), ANT-RX loss (S32) and (b) TX-RX isolation (S31). 3 CLC
sections at 750 MHz are used with an 8-path filter employing transistor-based switches,
CBB = 26 pF and Ron = 6 Ω. 37
Figure 2.10: TDD mode of operation: (a) TX-ANT transmission mode and (b)
ANT-RX transmission mode. 39
vii
Figure 2.11: The detailed block and circuit diagrams of the LO path of the standalone
65 nm CMOS non-magnetic nonreciprocal N-path-filter-based passive circulator. 40
Figure 2.12: Chip microphotograph of the standalone 65 nm CMOS non-magnetic
nonreciprocal N-path-filter-based passive circulator. 41
Figure 2.13: Circulator S-parameter measurements and simulation results for a clock
frequency of 750 MHz: (a) S21, (b) S12, (c) S32, (d) S23, (e) S13 and (f) S31. The
measurements and simulations have been done for two cases: first, when all ports are
terminated with 50 Ω and second, when the third port is slightly tuned to maximize
the reverse isolation at the center frequency. 42
Figure 2.14: Circulator matching measurement results for a clock frequency of
750 MHz: From (a) TX-ANT, (b) ANT-RX and (c) TX-RX measurements. Two-
port S-parameter measurements have been done when the third port is terminated
with 50 Ω. 43
Figure 2.15: Measured circulator S-parameters without commutation for TDD op-
eration. 43
Figure 2.16: The direction of circulation can be altered by changing the LO phase
shift between +90◦ and -90◦. 43
Figure 2.17: Measured TX-ANT loss at the center frequency as clock frequency is
tuned. Phase tuning is used at each frequency to ensure minimum loss. 44
Figure 2.18: Nonreciprocity ratio S13/S31 across different LO frequencies ranging
from 700 MHz to 800 MHz. In each case, tuning of the ANT impedance is exploited
to achieve 40-50 dB isolation at the commutation frequency. 44
viii
Figure 2.19: Simulated and measured IB IIP3 of the (a) TX-ANT path and (b)
ANT-RX path. 45
Figure 2.20: Measured and simulated ANT-RX NF of the circulator for a clock
frequency of 700MHz. 45
Figure 2.21: Measured clock-feedthrough to the ANT port and IQ image rejection
for TX-ANT transmission. The swept-power TX tone is at 748 MHz and a clock
frequency of 750 MHz is used. 46
Figure 3.1: An overview of the various non-idealities and challenges associated with
the design of integrated full-duplex transceivers. 51
Figure 3.2: Block diagram and schematic of the implemented 65 nm CMOS full-
duplex receiver with integrated circulator and analog BB self-interference cancellation.
57
Figure 3.3: Chip microphotograph of the 65 nm CMOS full-duplex receiver with
integrated circulator and analog BB self-interference cancellation. 57
Figure 3.4: Measured FD receiver ANT-to-RX-BB characteristics: (a) conversion
gain, (b) noise figure, and (c) IIP3. 58
Figure 3.5: Measured small-signal SI suppression across the circulator and analog
domains using a joint-SIC approach. 60
Figure 3.6: Measured and simulated (with an improved circulator LO design) impact
of the analog BB SI canceler on RX NF in the FD mode. 60
Figure 3.7: Measured ANT-to-RX-BB gain compression of a weak desired signal
with and without analog BB SIC versus varying TX output power level. 61
ix
Figure 3.8: (a) The nonlinear tapped delay line used for digital SIC, and (b) mea-
sured two-tone linearity test with SI suppression across antenna, analog BB and digital
domains. 61
Figure 3.9: FD N-path-filter-based circulator-receiver conceptual architecture and
block diagram. 62
Figure 3.10: A reciprocal antenna interface: (a) matched at the RX port; (b) un-
matched at the RX port where RX reflection returns to the ANT port. A nonreciprocal
antenna interface: (a) matched at the RX port; (b) unmatched at the RX port but
preserving ANT matching. 63
Figure 3.11: Simplified model to analyze the effect of balance impedance on the
performance of the circulator using the analytical S-parameters of the N-path filter
(for N →∞) and series switch resistances - (a) for TX and ANT excitations, (b) and
for noise. 66
Figure 3.12: Circulator-receiver features: (a) noise circulation and (b) isolation-
enhancement through a balance network that tracks antenna variations. 67
Figure 3.13: Analysis and simulation results of the ideal circ.-RX shown in Fig. 3.11(a),
(a) without and (b) with the balance network across frequency for Vin,tx = 2 V . The
analysis is shown with markers while the lines represent simulations across frequency.
Zant = 50 Ω, Rsw = 3.5 Ω and Zant = 50 Ω. 70
Figure 3.14: Analysis of the effect of balance network on the ideal circ.-RX: gyrator
voltage V1, representing the BB nodes, as a function of the balance resistance (a) for a
Vin,tx = 2 V TX excitation in Fig. 3.11(a) (Vin,ant = 0 V ), and (b) for a Vin,ant = 2 V
ANT excitation in Fig. 3.11(a) (Vin,tx = 0 V ). Zant = 50 Ω and Rsw = 3.5 Ω. 72
Figure 3.15: Balance network structure used in simulations [117]. 73
x
Figure 3.16: Simulated (a) TX-BB isolation and (b) ANT-BB gain of the circulator
receiver. Simulations are run on the extracted post-layout schematics of the circulator-
receiver, including wirebond inductance and package parasitics, with the LC ladder-
based balance network (inductor Q=20) model shown in Fig. 3.15. 74
Figure 3.17: (a) Noise transfer functions based on (3.15) and (b) theoretical NF of
the circulator-receiver in the presence of the balance network. 75
Figure 3.18: (a) Simulated NF of the circulator-receiver with and without the bal-
ance network optimized for 40 dB average isolation. (b) Simulated increase in the
NF (average across 10 KHz-10 MHz) of the circulator-receiver in the presence of a
large TX signal (including the balance network optimized for 40 dB average isolation).
The balance network settings are similar to those of the simulation results shown in
Fig. 3.16. 77
Figure 3.19: Block diagram and schematic of the implemented 65 nm CMOS FD
circulator-RX with integrated circulator and balancing impedance. 78
Figure 3.20: Chip microphotograph of the 65 nm CMOS full-duplex circulator-
receiver. 79
Figure 3.21: The SMD CLC-based ANT matching network used on the PCB to
compensate for parasitics and achieve a reasonable nominal TX-to-RX isolation. 80
Figure 3.22: (a) Circulator TX-to-ANT S-parameter measurements for 750 MHz
clock frequency. (b) Measured TX-to-ANT loss at the center frequency as the clock
frequency is tuned. Phase tuning is used at each frequency to ensure minimum loss.
The black/red curves are without/with the SMD-based ANT matching network. (c)
Measured IB TX-to-ANT IIP3. 80
xi
Figure 3.23: Measured circulator-receiver (a) conversion gain, (b) IIP3, (c) small-
signal TX-to-BB isolation for -40 dBm TX power and (d) NF. The balance network is
not engaged in these measurements. 81
Figure 3.24: (a) Measured small and large signal TX-to-BB isolation after engaging
the balance network. The balance network is reconfigured to maintain isolation for
each TX power level. (b) Measured impact of the balance network on RX NF in the
FD mode. 83
Figure 3.25: Measured ANT-to-RX-BB gain compression of a weak desired signal
with and without balance network tuning versus varying TX output power level. 84
Figure 3.26: (a) Nonlinear tapped delay line used for digital SIC, and (b) measured
two-tone TX test tracking the SI and its IM3 distortion at the RX BB output with SI
suppression across antenna and digital domains. 85
Figure 3.27: (a) Simulated BB frequency domain representation of the generated
pulse-shaped OFDM-like signal used in the FD demo. (b) FD demonstration setup.
FD demo results: a -50 dBm weak desired signal is received while transmitting a 0dBm
average-power OFDM-like signal. Power spectral density and time-domain represen-
tation of the RX BB output before and after digital SIC are shown (c) without the
desired ANT signal, and (d) with the desired ANT signal. The single tone ANT signal
is recovered after digital SIC. 87
Figure 3.28: Full-duplex phased-array transceiver achieving SIC through beamform-
ing by sacrificing a few spatial DoFs. 89
Figure 3.29: Block/circuit diagram and chip photo of the 65 nm CMOS 730 MHz 8-
element FD circulator-receiver phased-array system employing scalable 4-element ICs.
91
xii
Figure 3.30: Measured full-duplex phased-array performance across 8-elements (tiling
of two ICs): (a) array SIC, (b) impact of optimized weights to achieve SIC on the
TX/RX array gain, (c) gain compression of a small received signal under the influence
of TX power with optimized weights with and without the antenna tuner, and (d)
two-tone TX test tracking the TX total SI and its IM3 products at the receiver output
with additional digital SIC. 93
Figure 3.31: FD MIMO architecture with RF passive self-interference cancellation,
cross-talk SIC, and shared-delay baseband cancellation. Clock bootstrapping is em-
bedded to enable a higher TX power handling. 94
Figure 4.1: The evolution of the 3-port inductor-less LPTV circulator. (a) The
original Tellegen’s LTI gyrator [13] and (b) Shekel’s circulator employing a 3-port
gyrator [149]. (c) A 2-port LPTV N-path-filter-based gyrator [62] and (d) its potential
transformation to a 3-port inductor-less circulator. 99
Figure 4.2: Circuit diagram to explain the harmonic engineering concept in the
two-port LPTV N-path gyrator to realize an LPTV Shekel circulator. 100
Figure 4.3: Intuitive explanation of harmonic engineering to achieve transmission
from port 1 to port 3. 101
Figure 4.4: Intuitive explanation of harmonic engineering to achieve transmission
from port 3 to port 2. 101
Figure 4.5: Intuitive explanation of harmonic engineering to achieve isolation from
port 1 to port 2. 102
Figure 4.6: Simulated S-parameters of the Shekel circulator as a function of fin and
∆φ for C=1.8 pF, fclk=1 GHz and 8-paths. 104
xiii
Figure 4.7: Simulated (a) center frequency and (b) notch depth of the Shekel circu-
lator as a function of capacitance value (for a fixed ∆φ = 90◦). Simulated (c) center
frequency and (d) notch depth of the Shekel circulator as a function of ∆φ (for a fixed
BB capacitance value of 10pF). An 8-path structure and a fclk=1 GHz is used in all
simulations. 105
Figure 4.8: Block and circuit diagram of the proposed widely-tunable inductor-less
N-path Shekel circulators. Top: Large-RC-regime and Bottom: Low-RC-regime. 106
Figure 4.9: Chip micro-photographs of the two implemented Shekel circulators. Top:
Large-RC-regime and Bottom: Low-RC-regime. 107
Figure 4.10: Measured large-RC-regime circulator S-parameters demonstrating wide
tuning range. 108
Figure 4.11: Measured large-RC-regime circulator S-parameters demonstrating low-
loss and wide-bandwidth. (a) S-parameters magnitude for S21, S32 and S31. 108
Figure 4.12: Measured large-RC-regime circulator group delay. 109
Figure 4.13: Measured (a) noise and (b) linearity performance of the large-RC-regime
circulator across the tuning range. 109
Figure 4.14: Measured low-RC-regime circulator S-parameters demonstrating wide
tuning range. 110
Figure 4.15: Measured low-RC-regime circulator S-parameters demonstrating low-
loss and wide-bandwidth. (a) S-parameters magnitude for S21, S32 and S31. 110
Figure 4.16: Measured low-RC-regime circulator group delay. 111
xiv
Figure 4.17: Measurement (solid) and post-layout simulation (dashed) results of the
low-RC-regime circulator for a operation frequency of 750 MHz. 111
Figure 4.18: Measured (a) noise and (b) linearity performance of the low-RC-regime
circulator across the tuning range. 112
Figure 4.19: Block and circuit diagram of the proposed nonreciprocal inductor-less
widely tunable isolator. 114
Figure 4.20: Chip micro-photograph of the low-loss N-path isolator. 115
Figure 4.21: Measured S-parameters and tuning range of nonreciprocal inductor-less
widely tunable isolator. 116
Figure 4.22: Measured noise and linearity performance of the nonreciprocal inductor-
less widely tunable isolator. 116
Figure 4.23: A commutated four-path differential structure. The switches in each
side are driven with non-overlapping clocks each having a duty cycle of DTs = Ts/4.
S1 and S3 have a constant 180◦ phase shift between them. The clocks on either side
have a relative phase-shift τD. 118
Figure 4.24: Simulated results of (a) S21 and (b) S12 of the wideband isolator struc-
ture for C=2.5 pF, clock frequency = 0.9 GHz. Perfect isolation can be seen under
proper selection of frequency and phase-shift settings. 118
Figure 4.25: Block and circuit diagram of the proposed nonreciprocal inductor-less
wideband isolator. 119
Figure 4.26: Chip microphotograph of the proposed nonreciprocal inductor-less wide-
band isolator. 119
xv
Figure 4.27: Measurement (solid) and post-layout simulation (dashed) results of
the fabricated inductor-less wideband isolator including the differential to single-ended
baluns. 120
Figure 4.28: Comparison of recent nonreciprocal components in terms of tuning BW
and form factor. 121
Figure A.1: (a) 6th-order LC filter. (b) Shunt-LC to series-LC transformation of a
two-port N-path filter using quarter-wave t-lines. 150
Figure A.2: (a) Proposed architecture of an all-passive 6th-order (in general, ar-
bitrary order) N-path filter with CLC T-type quarter-wave t-line equivalents. (b)
Simulated comparison of 1 GHz 2nd- and 6th-order 20 MHz bandwidth Butterworth
LC and N-path filters with ideal switches and passive components. 150
Figure A.3: Simulation of different loss factors on the performance of the 1 GHz
all-passive Butterworth 6th-order N-path filter designed for 20 MHz bandwidth (in
each figure only the effect of one loss source has been taken into account and other
parameters are ideal): (a) effect of finite number of paths, (b) switch resistance, and
(c) lumped t-line equivalent implementation on the loss and filter shape. 151
Figure A.4: Comparison of IB loss versus quality factor of the utilized inductors in
the 1 GHz 6th-order Butterworth 20 MHz bandwidth LC and all-passive N-path filter. 152
Figure A.5: Block diagram, schematic and chip microphotograph of the 65 nm
CMOS 600-850 MHz all-passive 6th-order N-path filter. 153
Figure A.6: Pie chart showing the distribution of loss for the 65 nm CMOS all-passive
Butterworth 6th-order 1 GHz N-path filter (16 paths, Rsw,1port=10 Ω, Rsw,2port=4 Ω,
QL=15 and using a lumped CLC T-type t-line equivalent). 154
xvi
Figure A.7: Measured S21 and S11 for different clock frequencies in conjunction with
reconfiguration of the CLC T-type networks. A comparison between measurement
(solid) and simulations (dashed) is also shown for one frequency. 156
Figure A.8: Measured input referred P1dB and IIP3 for the filter tuned at a center
frequency of 725 MHz (for IIP3 ftone1 is shown on the x-axis and ftone2=2ftone1 − fc). 156
Figure A.9: Measured NF while clocking the filter at 725 MHz. 157
Figure B.1: Variations of the N-path bandpass filter (N=4): (a) single-port and (b)
two-port configurations and the corresponding clock signals (τd is the delay that can
be incorporated between pi(t) and qi(t) for the two-port filter). 160
Figure B.2: (a) Two-port N-path filter kernel and timing diagrams for two different







Figure B.3: Calculated (lines) and simulated (markers) magnitude of S21 for the 4-
path two-port configuration (RS = RL = 50 Ω, C = 50 pF) across different phase-shift
settings. The calculated HTFs are converted to S21 to de-embed the effect of voltage
division (6 dB) between the source and load. 166
Figure B.4: Calculated (lines) and simulated (markers) phase of S21 for the 4-path
two-port configuration (RS = RL = 50 Ω, C = 50 pF) across different phase-shift
settings. 166
Figure B.5: Theory and simulation results for the IB voltage gain and NF of a
two-port filter (at fs and for any τd) based on exact and approximate expressions of a
4-path two-port filter (RS = 50 Ω and C = 50 pF). 167
xvii
Figure B.6: Theory and simulation results for the OOB rejection of a two-port filter
(at fs and for any τd) based on exact and approximate expressions of a 4-path two-port
filter (RS = 50 Ω and C = 50 pF). 168
Figure B.7: Comparison of NF and IB loss for the one and two-port filter (for the
two-port filter, the 6 dB inherent voltage division is de-embedded). 168
Figure B.8: OOB rejection of 4-path filters designed for the same bandwidth versus
total switch resistance of each path (RS = RL = 50 Ω, C = 50 pF/25 pF for the
two-port/one-port filter). 169
Figure B.9: Voltage swings across the switches of one-/two-port N-path filters for
-6/0 dBm of input power. fs=1 GHz, CBB = 50 pF, Rs = RL = 50 Ω, Rsw1 = Rsw2 =
5 Ω for the two-port filter and CBB = 25 pF and Rsw = 10 Ω for the one-port filter.
(a) IB voltage swings for a 1 GHz input signal. (b) OOB voltage swings for a 600 MHz
input (τd = 0). All components are ideal in these simulations. 170
Figure B.10: (a) Chip photograph of one of the reconfigurable two-port phase-
shifting N-path Gm−C filters in a 0.8-1.4 GHz 65 nm CMOS self-interference canceling
receiver, (b) simplified circuit diagram of each of the filters. 171
Figure B.11: Filter measurement results with default setting asGm=0 mS, fS=1.1 GHz,
RM=58 Ω, RTX=RRX=45 Ω, CC=2.4 pF, and CB=52 pF: (a) magnitude responses
with various LO clock phase shift settings, (b) normalized phase responses with various
LO clock phase shift settings. 173
Figure C.1: circuit schematic of the 3-port circulator. 175
Figure C.2: Simplified model using the analytical S-parameters of the N-path filter
and series switch resistances. 180
xviii
Figure D.1: (a) Nonreciprocal gyrator created using a delay element sandwiched
between two Gilbert-quad switches. (b) Possible implementations of the delay element
using electro-acoustic devices such as SAW resonators/filters and FBARs. (c) The
electro-acoustic gyrator proposed in this work, combining the benefits of electronic
(high conductivity modulation ratio) and acoustic domains (large delays). 184
Figure D.2: The simplified block diagram used for harmonic conversion analysis. 186
Figure D.3: (a) Insertion loss, group delay and (b) phase response of Qorvo 1.96 GHz
SAW resonator filter. 187
Figure D.4: (a) Insertion loss, group delay and (b) phase response of TaiSAW
169 MHz SAW transversal filter. 187
Figure D.5: Block diagram of the switched-delay gyrator using a band-limited delay
element and an intuitive representation of the frequency conversion resulting in inter-
modulation products at the output. 188
Figure D.6: Analytic results of the gyrator using the 1.95 GHz resonator SAW filter
as its delay element. The frequency response profile of the SAW is shown (the dashed
line) as a reference. 188
Figure D.7: Analytic results of the gyrator using the 169 MHz transversal SAW filter
as its delay element. The frequency response profile of the SAW is shown (the dashed
line) as a reference. 189
Figure D.8: 1.95 GHz circulator two-port S-parameter simulation (dashed) and mea-
surement (solid) results where the third port is terminated with a broadband 50 Ω load:
(a) TX-ANT, (b) ANT-RX and (c) TX-RX S-parameters. 190
xix
Figure D.9: 172 MHz circulator two-port S-parameter simulation (dashed) and mea-
surement (solid) results where the third port is terminated with a broadband 50 Ω load:
(a) TX-ANT, (b) ANT-RX and (c) TX-RX S-parameters. 190
Figure E.1: A commutated four-path structure. The switches in each side are driven
with non-overlapping clocks each having a duty cycle of DTs = Ts/4. The clocks on
either side have a relative phase-shift τD. 193
Figure E.2: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a
capacitance C of 500 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.194
Figure E.3: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for
a capacitance C of 50 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.194
Figure E.4: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for
a capacitance C of 10 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.195
Figure E.5: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a
capacitance C of 1.6 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.195
Figure E.6: Simulated results of (a) S21, (b) S12 and (c) S11/S22 for C=1.8 pF, clock
frequency = 1 GHz. Perfect isolation can be seen under proper selection of frequency
and phase-shift settings. 196
Figure E.7: Two-port N-path structure kernel and its timing diagram. 197
Figure E.8: Exact and approximated S21 and (b) S12 of the two-port N-path struc-
ture with Z0C ≈ D × Ts. fclk=1 GHz, ∆φ = π/5, C=1.6 pF and a 4-path structure
have been used in this simulation/analysis. 200
xx
Figure E.9: Breakdown of the real and imaginary parts of (a) S21 and (b) S12.




Table 3.1: Comparison of antenna interfaces for full-duplex radios. 50
Table 3.2: Summary of the FD system specifications. 55
Table 3.3: Performance summary and comparison with state-of-the-art full-duplex
receivers. 86
Table 4.1: A survey of state-of-the-art nonreciprocal components in terms of opera-
tion frequency, BW and size. 98
Table 4.2: Performance summary and comparison of the implemented inductor-less
circulators with prior magnetic-free circulators. 113
Table 4.3: Performance summary and comparison of the implemented inductor-less
isolator with state-of-the-art isolators. 117
Table A.1: Performance summary and comparison of the 6-th order N-path filter
with prior art. 158
Table C.1: The solution to the ideal N-path-filter based circulator for an TX exci-
tation Vin,tx. 178
xxii
Table C.2: The solution to the ideal N-path-filter based circulator for an ANT
excitation Vin,ant. 179
Table C.3: The solution to the N-path-filter based circulator with non-ideal gyrator




ADC Analog to Digital Converter.
ANT Antenna.
AWG Arbitrary Waveform Generator.
BB Baseband.
BPF Band-Pass Filter.









DoFs Degrees of Freedom.
DR Dynamic Range.
EBD Electrical-Balance Duplexers.
FBAR Film Bulk Acoustic Resonator.
FD Full-Duplex.






HTF Harmonic Transfer Function.




IIP3 3rd order Input Intercept Point.
IM3 3rd order Intermodulation.
IP3 3rd order Intercept Point.
xxv
IPD Integrated Passive Device.
ISO Isolation.
KCL Kirchhoffs Current Law.
LNA Low-Noise Amplifier.









MMIC Monolithic Microwave Integrated Circuit.
NF Noise Figure.
NMOS n-channel MOSFET.
OFDM Orthogonal Frequency Division Multiplexing.
OOB Out-Of-Band.
P1dB 1-dB Compression Point.
xxvi
PA Power Amplifier.






RFIC Radio Frequency Integrated Circuit.
RX Receiver.




SMD Surface Mount Devices.
SNR Signal-to-Noise Ratio.
SOI Silicon On Insulator.




TDD Time Division Duplexing.
TIA Transimpedance Amplifier.
TX Transmitter.
VNA Vector Network Analyzer.
VSWR Voltage Standing Wave Ratio.
xxviii
Acknowledgments
This thesis marks the ending of a six year-long chapter of my life. I started this journey
hoping to gain knowledge and experience in my field of research, but what I have attained
is even beyond my wildest dreams. I would like to express my deepest appreciation to my
advisor Prof. Harish Krishnaswamy. His guidance, support and mentorship over the course
of my PhD has made me be a better academic. He taught me to think big and to shoot for
the stars. He pushed me to my limits to allow me see what I can achieve.
I would like to extend my sincere thanks to Prof. Peter Kinget, Prof. Andrea Alù, Prof.
Gil Zussman and Prof. Ana Asenjo Garcia for serving on my thesis proposal and defense
committees, and for their valuable time spent on giving feedback on my dissertation. I have
learned a great deal through my interactions with Prof. Alù and Prof. Zussman and their
teams and I am indebted to them for supporting my faculty applications.
During my PhD career, I was fortunate to work alongside amazing colleagues at CoSMIC
lab. I am thankful to the following past and present members of the CoSMIC Lab for their
friendship, help and support over the years: Dr. Jin Zhou, Dr. Ritesh Bhat, Dr. Mahmood
Baraani Dastjerdi, Dr. Tolga Dinc, Dr. Anandaroop Chakrabarti, Dr. Jahnavi Sharma,
Dr. Jeffrey Chuang, Dr. Linxiao Zhang, Ali Binaei, Dr. Jose Antonio Bahamonde, Aravind
Nagulu and Armagan Dascurcu.
I gratefully acknowledge the assistance that I received from Columbia University Electri-
cal Engineering department staff, and especially Mrs. Elsa Sanchez, for their help with the
administrative aspects of my work.
I am most grateful to my parents and brother, Nahid Otrodi, Hamid and Amirreza
xxix
Reiskarimian, who are my guiding light. It is only through their selflessness and sacrifices
that I have been able to be where I am today. I certainly could not follow my dreams without
their belief in my abilities and their unconditional love and support throughout the years.
I would also like to thank my friends Ladan and Mahla for always being there for me
and listening to my grad school drama every once in a while. I am also grateful to Tamila,
Sara, Omid, João, Shirin, Laura and all my friends at Columbia, NYU and City College for
all the memories we created in New York.
Finally, I would like to thank my best friend, my husband and the love of my life,
Mohammad Khorshidian. The past two years have not been easy, both personally and
professionally, and I am most thankful to him for standing by my side with his endless





To Maman, Baba, Mohammad and Amirreza
xxxi
CHAPTER 1. INTRODUCTION 1
Chapter 1
Introduction
1.1 A Brief History of (Non-)Reciprocity
One of the earliest references to reciprocity as an underlying symmetry within a system
dates back to the 1828 work of George Green in electrostatics, relating the interchanging
electric potential and charge density [1]. Through the next several decades, some of the
brightest mathematicians and physicists in history, including Hermann von Helmholtz, Lord
Rayleigh and Hendrik Lorentz, made various observations related to reciprocity in different
branches of physics such as optics, acoustics, elastodynamics and electromagnetics, and
formulated a number of theorems to explain these observations [2,3]. Even today, more than
one hundred years after Lorentz’s proof of reciprocity in electromagnetics, his theory is still
widely in use [4].
Another notable event in the historical review of reciprocity is the publication of a two-
part paper by Lars Onsager in 1931 on reciprocal relations in irreversible processes of ther-
modynamics which led him to win the Nobel prize in chemistry in 1968, solely for his con-
tributions published in the two manuscripts [5, 6].
While the reciprocal relations were fairly well-known in different branches of physics by
early 20th century; it took a while for these theories to be applied to electronic network the-
ory. Some of the early efforts include Carson’s and Ballantine’s generalization of Rayleigh’s
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theory and the proof of reciprocity in radiating and receiving antennas [7, 8] and Casimir’s
simplified derivation of reciprocal relations for conduction of electricity based on Onsager’s
theory [9]. Others also looked into circuit synthesis, applications and solving inverse prob-
lems by taking advantage of reciprocity in network theory [8, 10, 11].
The reciprocity relations also spurred research into techniques that violate it. As early as
1885 [12], Rayleigh proposed an optical device "in which the otherwise general optical law of
reciprocity shall be violated." In classical network theory, the symmetry of matrices (e.g., the
admittance and the impedance matrices) was usually taken for granted. That all changed in
1948, when Tellegen hypothesized an electric nonreciprocal component, called a "gyrator",
as the fifth elemental circuit building block to accompany the resistor, the capacitor, the
inductor and the transformer [13]. The addition of the gyrator enables the synthesis of any
arbitrary nonreciprocal network. As Tellegen notes in his seminal paper, "The gyrator can
be realized [...] by means of a gyromagnetic effect of a ferromagnetic medium." His proposed





As can be seen, the ideal gyrator is perfectly matched at its two terminals, has zero loss,
and exhibits an additional 180◦ phase shift in its transmission in one direction.
Soon after Tellegen’s proposal, Hogan demonstrated the first Linear Time-Invariant (LTI)
microwave gyrator prototype based on Faraday rotation (see Section 1.2) in ferrite materials,
as shown in Fig. 1.1 [14]. Here, the plane of polarization for the propagating waves is
represented by sine waves in either direction. From left to right, a net polarization rotation
of 180◦ is imparted to the signal (90◦ due to the twist in the rectangular waveguide and
90◦ from the effect of Faraday rotation). In the reverse direction, the total rotation of the
polarization plane is 0◦ (90◦ from the twist and −90◦ resulting from Faraday rotation),
resulting in the nonreciprocal phase response that is expected from Tellegen’s gyrator.
A three-port circulator with unidirectional wave propagation between adjacent ports was
also implemented in [14], using the gyrator along with two hybrid couplers. Ideally, two-port
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Figure 1.1: The microwave gyrator introduced by Hogan in [14] (top) and its operation
principle as it appeared in the original manuscript (bottom).
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In the 1960s, while magnetic circulator technology was still in its infancy, magnetic-
free, temporally-modulated nonreciprocal parametric devices gained considerable attention
[15–17]. Traditional parametric amplifiers had no directionality; hence, for a practical de-
sign, they required nonreciprocal devices such as circulators to separate the input and output
circuitry and improve the amplifier noise performance [18] (Fig. 1.2(a)). In [17], a unilateral
amplifier design using a transmission line and two diodes was demonstrated (Fig. 1.2(b)),
in which the pump frequency (i.e., modulation frequency) is an odd multiple of the sig-
nal frequency, the transmission line is quarter-wavelength at the signal frequency, and the
two varactors are driven with 90◦ phase-shifted modulation signals. Another interesting
interpretation of the same concept was explored by Kamal in [15]; here, the author takes
advantage of the up-conversion and down-conversion characteristics of parametric amplifiers
using phase-shifted modulation signals to create a gyrator and a three-port circulator (Fig.
1.2(c)). To implement the idea, it is concluded that a matching network is required between
the two parametric devices, which turns out to be a quarter-wave transmission line. Another
unilateral amplifier architecture based on a 90◦ hybrid was proposed in [16] and shown in
Fig. 1.2(d).
Nonreciprocity has also been achieved by other forms of temporal modulation, such as
switches controlled by a modulation signal at their gates. One of the first examples of such
approach can be found in a 1964 paper [19], in which a three-port circulator was demonstrated
by taking advantage of a time-varying switched delay-line structure as shown in Fig. 1.3.
























































































Port 1 Port 2
Figure 1.2: (a) A conceptual diagram of unilateral parametric amplification using a circulator
to separate the input and the output ports [18]. (b) The nonreciprocal parametric amplifier
proposed in [17]. (c) A block diagram of the nonreciprocal parametric three-port circulator
proposed in [15]. (d) A nonreciprocal parametric amplifier using a 90◦ hybrid [16].
In this figure, points A, B and C are short terminations to provide perfect reflection of the
incoming signal. A 100 MHz circulator was built, as shown in Fig. 1.3, with a modulation
frequency of 3.33 MHz and 33 ft delay lines.
Furthermore, active-biased transistor-based architectures have been a popular alternative
for achieving nonreciprocity, especially after the invention of the transistor and its widespread
employment in electronic circuits. In [20], an early example of such a device using three
transistors in a loop was demonstrated across 30 Hz to 3 MHz (Fig. 1.4).





















































Figure 1.3: The linear, periodically time-varying RF circulator developed in [19] based on a








Figure 1.4: A three-port circulator based on active-biased transistors in a loop [20].
1.2 Violation of Reciprocal Relations
The reciprocity theorem mandates an identical signal transmission profile for waves prop-
agating in opposite directions between two points in space. Lorentz reciprocity describes the
rules of reciprocity in the electromagnetic domain and is a fundamental physical precept
that characterizes the vast majority of electronic and photonic materials, circuits and com-
ponents. Lorentz reciprocity (sometimes also called Rayleigh-Carson reciprocity theorem) is










in which J1 and J2 are two arbitrary current source distributions and E1 and E2 are their
respective electric fields induced in the space surrounding the sources. Equivalently, in
circuit theory, this results in the symmetry of network matrices such as the impedance
(Z), the admittance (Y) and the S-parameter matrix. Because of Lorentz reciprocity (or in
other words, the principle of time-reversibility in optics), any LTI system or material with
symmetric and time-independent permittivity and permeability tensors follows the rules of
reciprocity [21].
Hence, to achieve nonreciprocal wave propagation, one of these necessary conditions has
to be violated: material systems with symmetric constituent tensors, linearity, or time-
invariance. Breaking the reciprocal relations enable new wave propagation paradigms and
the construction of nonreciprocal components and systems. Nonreciprocal devices, such as
gyrators, isolators, circulators, unilateral parametric amplifiers, and nonreciprocal phase-
shifters, are essential for various applications at Radio Frequency (RF) and millimeter-wave
(mm-wave) frequencies including communications, radar, sensing, imaging, and quantum
signal processing.
1.2.1 Using Faraday Effect
Historically, breaking reciprocity seemed to be only possible through the use of magnetic
materials. Both Rayleigh’s proposal for nonreciprocal optical devices and Tellegen’s hypoth-
esis for building a gyrator were based on the concept of Faraday rotation in ferromagnetic
media through magneto-optic interactions or purely magnetic effects. Magnetic materials
enable nonreciprocal wave propagation because they lose their symmetric permittivity or
permeability tensors under the application of a magnetic field.
If an RF magnetic field of HRF = x̂Hx + ŷHy + ẑHz is applied to a large region of
ferromagnetic material, which is under a constant magnetic bias of ẑH0 as shown in Fig.



































Figure 1.5: The concept of Faraday rotation. (a) A material of length d and an applied
magnetic field ofH0. (b) A wave propagating in the material experiences no Faraday rotation
in the absence of the magnetic bias. (b) In the presence of a magnetic bias in the positive
z direction, a wave traveling from left to right experiences Faraday rotation because of the
difference in the propagation velocities of right-handed and left-handed circularly polarized
waves, whereas (c) a wave traveling in the negative z direction experiences an opposite
rotation.
1.5(a), a magnetization field M = x̂Mx + ŷMy + ẑMz is induced in the material in the form
of Eq. (1.5), where χijs are the magnetic susceptibilities [22].
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As a result, the magnetic flux density in an isotropic material is defined as:






where µ0 is the permeability of free space, [µ] is the permeability tensor, i.e., µ1 = µ0(1 +
χii), i = x, y; and µ2 = −jµ0χxy = jµ0χyx.
Solving Maxwell’s equations for such an asymmetric permeability tensor results in dif-
ferent wave vectors for the left- and right-handed circular polarizations (β±) and, hence,
a rotation in the polarization vector of the electric field (θF(z)) propagating through the











ε(µ1 ± µ2). (1.8)
In Eq. (1.8), ω and ε are the angular frequency of the wave and the permittivity of the
medium, respectively. A distinct physical behavior also exists for optical frequencies because
of magneto-optic interactions, resulting in an asymmetric permittivity tensor, which leads
to a similar rotational effect [23].
Nonreciprocal components based on the Faraday rotation in ferrite materials have been
extensively investigated over the years in the microwave community. High performance, high
power-handling (3rd order Input Intercept Point (IIP3) exceeding +70 to +80 dBm at low-
RF frequencies) ferrite circulators and isolators are commercially available from tens of MHz
to more than 100 GHz [24].
The disadvantages of ferrite-based nonreciprocal devices are as follows:
I. The size of ferrite circulators based on waveguides or transmission lines is generally
comparable to their operation wavelength. As a result, circulators at low RF frequencies
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can be extremely bulky.
II. In the mm-wave regime, the size of devices is smaller; however, the Faraday effect is
weaker, and the magnetic materials become lossier. Similarly, the magneto-optic effect
is usually weak and very lossy at optical frequencies [25].
III. Despite significant research efforts in the optical [26,27] and RF domains [28–30], nonre-
ciprocal components based on magneto-optic materials remain incompatible with Com-
plementary Metal–Oxide–Semiconductor (CMOS) Integrated Circuit (IC) technology
because of the required high deposition temperatures [28], material incompatibilities,
and the need for a magnetic field bias. As a result, ferrite nonreciprocal components
cannot be integrated with the rest of the electronics to realize chip-scale fully-integrated
systems.
IV. Finally, ferrite circulators are also costly, and their cost does not readily scale through
mass production, as is the case with IC technology. Readers are referred to [28,31] for
a detailed bibliography of ferrite-based RF and microwave nonreciprocal devices.
1.2.2 Using Active-Biased Transistors
An alternative to using magnets is to exploit the inherent nonreciprocity of active current-
or voltage-biased transistors. With the advent of transistors, active circulators became popu-
lar for low frequency applications, where ferrite circulator did not exist (i.e., below hundreds
of MHz), in applications with relatively low power-handling, cost- and size-limited imple-
mentations, and in scenarios where frequency tuning was of importance.
Active three-port nonreciprocal devices can be classified into two groups: Circulators and
Quasi-Circulators (QCs). Quasi-circulators are three-port devices in which the transmission
only happens between 2 pairs of ports and the third pair of ports is isolated in both directions
(Eq. (1.9)). Fully symmetric active circulators can raise stability concerns and, hence, are
usually realized with some loss [32]. QCs are of interest in transceivers, where Transmitter
(TX)-Antenna (ANT) and ANT-Receiver (RX) transmissions are necessary and the TX























Figure 1.6: (a) A quasi-circulator conceptual diagram. (b) The schematic of the Monolithic
Microwave Integrated Circuit (MMIC) quasi-circulator implemented in [33].
and RX should always be isolated. They can also provide gain in the two transmission
directions [32,33]. Each of the circulator and QC categories can either be implemented only
using transistors and lumped components, as was shown in [20] (Fig. 1.4) or can combine







Fig. 1.6 shows an example block diagram and implementation for a fully-integrated QC
[33]. Here, port 1 is connected to a transistor-based, unilateral (nonreciprocal), in-phase/out-
of-phase divider, one arm of which is connected to port 2, thus establishing transmission from
port 1 to port 2. The other arm is combined with the signal from port 2 in a unilateral out-
of-phase/in-phase combiner to create destructive interference at port 3 (and, hence, isolation
between ports 1 and 3). More recent examples of active circulators and QCs are found in [34]
and [35].
More recently, metamaterials with embedded active transistors have been explored at
RF and microwave frequencies [23, 36, 37]. These nonreciprocal components are built us-
ing transistor-loaded ring resonators that only allow a unilateral current to flow inside the













Figure 1.7: (a) The Field-Effect Transistor (FET)-loaded ring resonator concept. (b) The
isolator and (c) circulator prototypes developed in [37].
loop and create a unidirectional rotating magnetic moment similar to the effect of Faraday
rotation. The implementation of a nonreciprocal isolator and circulator using this idea is
shown in Fig. 1.7. While the basic operating principle is no different from the lumped active
circulators described previously, the coupling of many such transistor-loaded ring resonators
together can realize a nonreciprocal metamaterial or synthetic medium.
Active approaches are compatible with IC integration and have applications in low-power
communication [35] and biomedical systems [38], but eventually are limited by the noise and
nonlinearity introduced by the active devices. As a result, they do not find utility at the
front-end of RF communication systems and radar applications, where transmitter power-
handling and receiver noise performance are paramount [32].
1.2.3 Using Nonlinearity
As discussed previously, another avenue for achieving nonreciprocity is by exploiting
nonlinearity in a material or circuit. An example at optical frequencies is the Kerr effect,
in which the permittivity of the medium is nonlinear and electric-field-dependent. In a
third-order nonlinear material, ε is described as:
ε ' ε0(χ(1) + 3χ(3)|E|2), (1.10)
where ε0χ(1) is the linear permittivity of the medium, χ(3) is the third-order nonlinear sus-
ceptibility and E is the electric field intensity [39].



























Figure 1.8: A principle of nonlinear nonreciprocity with an asymmetric physical geometry
and a strong mismatch at the interface between the two media [40].
In such a nonlinear system, an asymmetric physical geometry can translate into an asym-
metric wave propagation. For example, consider the following intuitive case study taken
from [40] (Fig. 1.8). Here, we have a cascade of two media: one lossless and linear (ε1)
and one nonlinear with a complex permittivity of ε′2− jε′′2(E) (i.e., higher loss for larger sig-
nals). Let us further assume that there is a strong mismatch between the two media, causing
a significant reflection of signal energy at their interface. If a signal enters this combined
structure from the left-hand side (Fig. 1.8(a)), it travels through the linear medium without
losing any energy. By the time it reaches the interface, most of the signal bounces back, and
a small portion passes through to the nonlinear side. If the signal is small enough not to
trigger the nonlinear behavior, it goes through the system without losing any further energy.
However, in the reverse direction, the nonlinear medium attenuates the signal exponentially
(because much higher power is present in the nonlinear medium, the imaginary part of the
permittivity increases); hence, very little signal finds its way to the linear medium and the
output.
Techniques for acheiving nonreciprocity by leveraging nonlinearity [41–45] have been
predominantly explored in the optical domain. An RF implementation of an isolator based
on the third-order nonlinearity of resonators has been demonstrated using a cascade of
a nonlinear Lorentzian and a nonlinear Fano resonator [39], as shown in Fig. 1.9. The
nonlinear resonators are build by taking advantage of the nonlinear capacitance of variable
capacitors (varactors).









Figure 1.9: A block diagram of the nonlinear isolator implemented in [39,46].
Some of the disadvantages of the nonlinear approach include: (I) The extent of the
nonreciprocal response is signal-power-dependent and usually only occurs for a certain range
of signal powers. As a result, it is not suitable for applications where linearity is critical,
such as wireless communications. (II) The nonreciprocity can only be seen if the device is
excited one port at a time [47].
1.2.4 Using Time-Variance
As mentioned previously, violating time-invariance can also lead to breaking nonreciproc-
ity, the earliest examples include nonreciprocal parametric amplifiers [15–18], as shown in
Fig. 1.2. These nonreciprocal parametric amplifiers were based on two important concepts:
First, the availability of varactors that could be temporally modulated using a pump signal
and second, the introduction of a dynamic pump in time and space (notice the two varactors
in each example). Consider a nonlinear voltage-controlled varactor whose charge-voltage
relationship is expressed by the following Taylor series:
q(t) = C0v(t) + a2v
2(t) + a3v
3(t) + ..., (1.11)
where C0 is the static capacitance and ais are the higher-order nonlinear coefficients. Ignoring
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all the higher-order terms except the first- and second-order terms, a modulation voltage of
vmcos(ωmt + φm) across the capacitor results in a voltage-dependent variable capacitance
of C(v, t) = C0 + a2vmcos(ωmt + φm). For a single-tone input voltage at ωin, it was shown
that the current passing through such a capacitor contains tones at ωin as well as ωm ± ωin.
While the basic operating principle of a parametric amplifier has been studied based on
such a nonlinear device, the nonlinearity is not central to achieving a parametric response.
Assuming that we can build a voltage-independent varactor where the modulation is caused
by another force (e.g., a mechanical force changing the distance between the plates of a
parallel-plate capacitor), similar frequency translation properties are attainable. Similar
spatio-temporal modulation techniques have been explored in optics as well, examples of
which can be found in [48, 49]. Techniques at optical frequencies based on electro-optic
phase modulators have also been investigated [50, 51], but require complex electro-optic
modulation networks.
More recently, there has been further progress on breaking reciprocity in electronics
through time-variance, specifically spatio-temporal modulation of material parameters such
as permittivity, permeability, and conductivity [25,52–65]. Such approaches are theoretically
noise-free and can be linear to the desired signal.
Many recent approaches have focused on permittivity as the modulated parameter [25,
52–56]. In the RF domain, permittivity modulation is achieved using varactors which ex-
hibit limited modulation index (about 2-4, e.g., Cmax/Cmin ∼ 1.5 in the implementation
of [52]). In general, in both the microwave and optical domains, permittivity modulation
is quite weak and associated with loss, particularly as the frequency increases. For in-
stance, CMOS varactors are prohibitively lossy at millimeter-wave frequencies. Permeability
modulation have also been investigated, specifically using Josephson junctions as nonlinear
inductors [57–60, 66]. More recently, we have introduced conductivity modulation as an al-
ternative approach to achieve nonreciprocity in time-varying systems. In contrast to the
low-permittivity modulation index of varactors, a transistor switch can provide orders of
magnitude higher conductivity modulation index. A review of these recent approaches is
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provided below.
1.2.4.1 Parametric modulation
A more recent example of a parametric design has been demonstrated in [52], where
the parametric modulation is performed along a quasi-distributed transmission line. The
transmission line is loaded with varactors modulated by a traveling single-tone carrier such
that C(z, t) = C0(1 + ξεcos(ωmt − βmz + φm)) (Fig. 1.10), in which C0 is the average
capacitance, ξε = CmC0 is the permittivity modulation index, Cm is the amplitude of the
modulated capacitance, and βm and φm are the wave vector and the phase constant of the
modulating carrier, respectively.
A simplified analysis of such a structure shows that input signals launched in the same
direction as the modulation carrier gradually convert to the frequency-shifted side-bands as
z increases. At z = λin/ξε
√
2, where λin is the wavelength of the input signal, all the signal
power is converted to the mixing terms. The smaller the modulation index ξε, the longer
the length that is required for a full harmonic conversion, increasing the dimensions of the
device. If the modulation frequency is higher than the signal frequency, the signal can also
have a gain proportional to the frequency ratio of the upconverted and input signals.
For signals propagating in the opposite direction, it has been shown that no harmonic
conversion would take place. A trade-off exists between the choice of fm, the power consump-
tion in the modulation path, and the gain of the frequency-translated signal. Additionally,
noise performance of such approaches depends on the loaded quality factor of the transmis-
sion line, quality factor of the individual varactors, and the permittivity modulation index.
Although not discussed in [52], phase noise in the modulation signal can also impact the
noise performance. Finally, the effect of noise folding from the sidebands should be taken
into account and can be minimized by a low-pass filter at the input.
As mentioned previously, at RF, varactors are able to achieve modulation ratios of around
two to four, resulting in structures that are of the order of a wavelength. Another disad-
vantage of approaches based on permittivity modulation in parametric structures is that the
















































Figure 1.10: (a) The schematic and concept of a parametric, time-varying transmission line
and its frequency conversion. (b) The Printed Circuit Board (PCB) photo of the implemen-
tation in [52].
mode/frequency conversion is undesirable in some applications, and necessitates the use of
filters [67] or diplexers [52].
Similar approaches based on spatio-temporal parametric modulation of waveguides have
been investigated in [67–69]. In the optical domain, the size of the structure is limited
























Figure 1.11: (a) Spatio-temporal permittivity modulation in a ring resonator, (b) the im-
plementation of a ring resonator by three separate LC tanks, and (c) the PCB photo of the
implementation in [71].
by the weak electro-optic or acousto-optic effect [67, 68], which results in an extremely low
modulation index (practically unity).
1.2.4.2 Angular Momentum Biasing
Inspired by Faraday rotation, a nonreciprocal response can also be achieved using angular-
momentum biasing, as shown in the acoustic domain [70], as well as at RF [53]. In [53], an
effective electronic spin is enabled by the spatio-temporal permittivity modulation with a
traveling wave along a resonant ring (Fig. 1.11). Additionally, resonators can be used to
miniaturize the size of the ring significantly, while boosting the weak permittivity modulation
effect because of the limited modulation ratio, resulting in stronger nonreciprocal response at
the sub-wavelength scale. The resonators (bandpass or bandstop) can be connected together
in various forms, such as delta or wye topologies [71, 72]. The resonators must exhibit
high loaded-Quality Factor (Q) to achieve significant impedance change, and this limits
the operation bandwidth. Furthermore, the inductors and the varactors must have even
higher unloaded-Q to achieve low loss, which is fundamentally challenging, particularly on
integrated semiconductor substrates.
It is shown in [73] that the Bandwidth (BW) of the any pseudo-LTI, magnetic-free cir-
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Figure 1.12: An early mechanical implementation of commutated networks [74, 75].
culator is smaller than twice the modulating bandwidth. This implies that, for larger band-
widths, a higher modulation frequency is required. However, by increasing fm, the dynamic
power consumption is increased. Additionally, varactors (and permittivity modulation in
general) also exhibit a trade-off between modulation index and loss, particularly as the op-
erating frequency is increased. Similar to parametric approaches, the noise performance in
angular-momentum-based devices depends on the resonators’ loaded-Q and unloaded-Q of
the varactors. Phase noise in the modulation signal can also impact the noise figure by
creating random variation in the harmonic S-parameters. Proper design of the modulation
circuitry can lower such undesired effects and a noise figure close to the insertion loss can be
achieved [72].
Another key challenge with spatio-temporal parametric modulation approaches in general
is that the property that enables modulation (for instance, varactors [52,53] or opto-acoustic
interactions [68]) often represents a nonlinearity to the signal itself, particularly as the mod-
ulation ratio becomes higher, resulting in nonlinear distortion at higher signal levels.
1.2.4.3 Conductance Modulation
In the circuits community, temporally modulated systems are commonly known as Linear
Periodically-Time-Varying (LPTV) circuits. One of the earliest reports on LPTV circuits
dates back to 1947 [74], as shown in Fig. 1.12. Here, a rotating brush periodically contacts
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a bank of capacitors to commutate the signal across the capacitors, realizing a comb filter
at harmonics of the rotation frequency. Such commutated networks came to be called N-
path filters. In subsequent decades, commutated networks attracted considerable attention
[76–78].
More recently, N-path filters have reemerged to realize tunable RF high-Q filters, primar-
ily due to the availability of high-speed switches in integrated CMOS technologies [79, 80].
Furthermore, based on the findings presented in this dissertation, we have found that com-
mutated networks have a rich set of unique properties that go beyond high-Q filtering,
including:
I. Realizing a nonreciprocal phase response by phase-shifting the clocks that drive two sets
of commutating switches across an effective delay medium. A commutated network with
an in-built nonreciprocal phase response can be combined with reciprocal phase-shifts
(such as transmission lines) to create more generalized nonreciprocal components. A
new integrated passive magnetic-free circulator structure is proposed and implemented
using this technique in Chapter 2. Applications of our passive magnetic-free circulators
in wireless communication systems are discussed in Chapter 3.
II. Performing harmonic engineering, by taking advantage of mixing not only with the
fundamental harmonic, but also with all the other frequency content. This is in contrast
to the traditional approach of designing commutated networks that is mainly based on
mixing with the fundamental harmonic. The harmonic engineering method allows a
broader catergory of commutated networks to be synthesized with functionalities that
are not possible otherwise. Chapter 4 dives into the harmonic engineering concept
and how it can be implemented by providing examples of infinitesimal nonreciprocal
circulators and isolators.
Our switch-based commutated circuits may be fundamentally understood as performing
spatiotemporal conductance modulation, and leverage the fact that conductivity is a variable
material property that is unique to semiconductors. A transistor switch can have orders of
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magnitude higher conductivity modulation index (ξσ = σONσOFF in the order of 10
3 − 105)
than the typical permittivity modulation index of varactors (ξε). This has led to the first
demonstration of a CMOS passive magnetic-free circulator using switched-capacitor-based
gyrators [62] and the first family of CMOS passive magnetic-free inductor-less nonreciprocal
components within infinitesimal dimensions [81–83].
1.3 Applications of Nonreciprocity
Nonreciprocal components such as gyrators, isolators, circulators, unilateral parametric
amplifiers and nonreciprocal phase-shifters are critical for various applications in the RF,
mm-wave and optical domains, including communications, radar, quantum signal processing,
imaging, sensing and on-chip all-optical information processing.
Circulators and isolators find applications in high-power cellular base stations radios to
protect high-power amplifiers from back reflections from the antenna. Optical isolators are
critical to on-chip all-optical information processing systems for the protection of lasers and
amplifiers and the mitigation of multi-path reflections.
Nonreciprocal devices also have applications in biomedical radar and imaging systems.
Some of the existing literature is this area can be found in [38,84–87]. To date, most of the
systems demonstrated either use magnetic circulators or quasi-circulators.
High-performance circulators also find application as the shared-antenna interface of
transceivers for emerging wireless communication paradigms such as Full-Duplex (FD) [88–
91] and FDMultiple-Input Multiple-Output (MIMO) systems [92], and in Frequency-Modulated
Continuous-Wave (FMCW) radars. FD aims to instantly double the link capacity in the
physical layer by simultaneously transmitting and receiving at the same frequency, as well
as providing other benefits in the higher layers [90, 91]. Various implementations of full-
duplex systems with integrated N-path-filter-based nonreciprocal antenna interfaces have
been shown [93–99]. Additionally, we have shown in [95], that the N-path filter in the cir-
culator can be re-purposed as a down-converting mixer, directly providing the baseband
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received signals on the N-path filter capacitors. N-path-filter-based circulator-receiver FD
phased-array front-ends can also enable baseband beam-forming with minimal overhead by
virtue of their multi-phase outputs [97]. Additionally, nonreciprocal antenna interfaces can
incorporate the antenna-tuner required for many wireless applications, an example of which
is described in [100].
Nonreciprocal components also play a prominent role in the readout circuitry of solid-
state superconducting quantum computing applications. The state of a superconducting
qubit operating at cryogenic temperatures ranging between 10mK-100mK is read-out by
measuring the state dependent phase shift imparted to a probe signal. Significant amplifi-
cation is required for the read-out signal before it reaches the room temperature circuitry.
Many quantum measurement setups require microwave-reflection-based Josephson paramet-
ric amplifiers to amplify the signal with very little added noise (near quantum limits) and
therefore, nonreciprocal devices are crucial for their operation to separate the input and
output channels [57]. Currently, ferrite circulators are widely used for quantum applica-
tions, however, the bulky form factor of the ferrite circulator occupies significant space in
the dilution refrigerator, limiting the maximum number of qubits that can be operated
simultaneously. More recently, various recent publications [58–60, 66] have demonstrated
nonreciprocal devices based on the permeability and conductivity modulation techniques for
quantum application.
1.4 Thesis Overview
The research presented in this thesis spans conceptual physical concepts and novel circuit
implementations up to system-level demonstrations as shown in Fig. 1.13. We has shown for
the first time that integrated LPTV circuits enable nonreciprocity through spatio-temporal
modulation of the conductivity of a medium [61,62,81–83,93–99].
This dissertation is organized as follows:
Chapter 2 presents an approach to break reciprocity through conductivity modulation
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Figure 1.13: An overview of the research performed in this doctoral thesis.
in commutated networks by staggering the clocks driving two sets of commutating switches
across an effective delay medium. We observe that staggered commutation enables time-
reversal symmetry breaking within very small dimensions (λ2/6400 for the complete circu-
lator core). The measured performance of the 65 nm CMOS circulator prototype exhibits
1.7 dB of loss in the TX-ANT and ANT-RX paths, has high isolation (TX-RX, up to 50 dB
through tuning and 20 dB bandwidth of 32 MHz) and a tuning range of 610-850 MHz.
Through an architectural feature specifically designed to enhance TX linearity, the circula-
tor achieves an In-Band (IB) TX-ANT IIP3 of +27.5 dBm, nearly two orders of magnitude
higher than the ANT-RX IIP3 of +8.7 dBm [62,93,94].
Chapter 3 presents various full-duplex systems and a novel full-duplex receiver front-end
CHAPTER 1. INTRODUCTION 24
architecture, namely a Circulator-Receiver (circ.-RX), which take advantage of our compact
magnetic-free integrated circulators. The circ.-RX architecture (i) merges our magnetic-
free passive circulator with a down-converting mixer, directly providing Baseband (BB)
receiver signals at its output, and (ii) incorporates an on-chip balance network into the
circulator architecture to enhance the TX-RX isolation and track ANT variations. The
65 nm circulator-receiver provides 40 dB of on-chip large-signal TX-RX isolation averaged
over 20 MHz bandwidth, handles up to +8 dBm of TX power, and exhibits 8 dB Noise Figure
(NF) under cancellation. Additionally, our circ.-RX design is embedded in multi-antenna full-
duplex systems to demonstrate integrated full-duplex phased-array and full-duplex MIMO
systems [95–99].
Chapter 4 presents our most recent findings on a new property of commutated net-
works, namely harmonic engineering, that has not been utilized in the past. We have shown
that by engineering the mixing of the input signal with clock harmonics (and not just the
fundamental) in commutated networks, we can enable passive magnetic-free inductor-less
nonreciprocity within infinitesimal dimensions. In this Chapter, we take advantage of the
harmonic engineering concept to realize (a) a non-magnetic nonreciprocal widely-tunable RF
inductor-less isolator with <2 dB loss across 0.2-1 GHz and infinite isolation in the reverse
direction, (b) a wideband inductor-less isolator that works from Direct Current (DC) to
200 MHz, and (c) two widely-tunable RF inductor-less widely-tunable circulator prototypes
with ∼2-3 dB loss and tuning BWs (fmax
fmin
) of up to 10. By utilizing harmonic engineering, we
have completely eliminated the need for inductors/transmission lines and hence miniaturized
the size of the nonreciprocal components to infinitesimal dimensions, with sizes in the order
of λ2/1, 000, 000 [81–83].
Chapter 5 concludes the dissertation with a summary of the key technical contributions
and suggestion for future research directions.




As previously discussed in Chapter 1, reciprocity can be broken by violating time-
invariance. In [62,94], we introduced a new circulator concept based on the phase-nonreciprocal
behavior of phase-shifted two-port LPTV N-path filters that can break reciprocity through
spatio-temporal conductivity modulation. At RF, in a semiconductor IC technology, con-
ductivity can be modulated over several orders of magnitude using transistor switches. A
transistor switch can have orders of magnitude higher conductivity modulation index ξσ (ξσ
is in the order of 103 − 105) [101], than a typical varactor permittivity modulation index,
ξε. In this Chapter, after recapping the principle of operation, we present detailed analyses
and design considerations for this circulator. A simplified model has been used to charac-
terize performance metrics such as loss, isolation, linearity, and tuning range in terms of
design parameters such as number of paths and switch resistance. Furthermore, the design,
simulations and measured results of a circulator IC in 65 nm CMOS are discussed.
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Figure 2.1: (a) A wave propagating through a commutated network with no staggering
experiences no phase shift. (b) Staggered commutation acts as a bias that breaks time
reversibility, producing a phase shift for waves traveling from left to right and (c) an opposite
phase shift for waves traveling from right to left.
2.1 Phase Nonreciprocity in N-Path Filters
As described in Chapter 1, the Faraday effect in ferrite materials produces a nonreciprocal
rotation in the polarization vector of electromagnetic waves when a magnetic field bias
is applied along/opposite to the direction of the propagation [22]. Analogous to this, we
discovered that commutating a signal through a bank of LTI networks with staggered timing
induces a nonreciprocal phase-shift for signals traveling in opposite directions as these signals
see a different ordering of the commutating switches [62]. A mechanical representation of
this idea is shown in Fig. 2.1 and can be compared and contrasted to the Faraday rotation
approach shown in Fig. 1.5.
The electrical implementation of the staggered commutator is a two-port N-path filter
with phase-shifted clocks driving the two switch sets as shown in Fig. 2.2. As discussed in
the previous chapter, N-path filters are temporally modulated systems in which electronic



























Figure 2.2: The nonreciprocal phase response of a two-port N-path filter with phase-shifted
clocks.
transistor-based switches are used to perform conductivity modulation across a bank of
capacitors to create a bandpass filtering response. More details on N-path filters and our
prior work in the area are provided in Appendix A and B.
Through rigorous LPTV analysis for excitations at each port [62, 102], the fundamental
harmonic transfer function (without any frequency translation) of a two-port N-path filter








where N is the number of paths, C is the capacitance in each path, frsc = 12πRsC , τD is
the phase shift between the clocks on either side, Ts is the clock period, Z0 is the reference
impedance and α is defined by Eq. (B.8). Please refer to Appendix B for additional details
on the derivation of Eq. (2.1).
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From Eq. (2.1) the complete S-parameters of a two-port N-path filter at the center
frequency (fs) with 90◦ phase-shift between the clock sets can be described by:
S(fs) ≈











It can be seen from Eq. (2.2) that for N → ∞, the N-path is simply a lossless matched
nonreciprocal gyrator.
2.1.1 Frequency Up/Down-Conversion and Filtering-Based Expla-
nation
Intuitively, the behavior can be explained using a frequency conversion and low-pass
filtering analogy as depicted in Fig. 2.3. Each set of switches is represented by a reciprocal
In-phase and Quadrature (I/Q) mixer, similar to the approach described in prior literature
[58]. Indeed, such commutating transistor-based switches are regularly used as frequency
converters in RF and microwave integrated electronics [80,103]. In each direction, a sinusoidal
input signal, cos(ωint), is assumed at a frequency ωin near the switching frequency ωs. Each
set of switches is modeled as a reciprocal I/Q mixer that multiplies the input signal with
cosine and sine versions of the Local Oscillator (LO) at ωs. The second set of LOs are
assumed to lead the first set by +90◦, representing the staggering. The baseband capacitances
effectively form a low-pass filter in conjunction with the source and load impedances. The
frequency translation of this low-pass filtering to RF by the commutating switches is the basis
for the use of un-staggered commutated networks to realize (reciprocal) N-path filters [79,
104–106]. This low-pass filter effect substantially attenuates the up-converted signal at ωs +
ωin and −ωs−ωin after the first modulation. It is seen that this leads to signal transmission
with nonreciprocal phase response (+90◦/-90◦) in the forward and reverse directions. It
should be noted that while the up-converted frequency components are filtered away, this
does not result in any power loss for the desired signal as the commutated media are purely
capacitive. Consequently, the staggered commutated network is lossless for N → ∞, as


































































































































Figure 2.3: An intuitive frequency conversion and filtering-based explanation of the nonre-
ciprocal phase response of a two-port N-path filter with phase-shifted clocks.
CHAPTER 2. INTEGRATED MAGNETIC-FREE PASSIVE CIRCULATORS 30
discussed earlier (for finite N , there is loss due to harmonic conversion, albeit small even for
N = 4 or N = 8 as discussed earlier). The reader may also verify that in the absence of
low-pass filtering, all frequency components at the outputs cancel and the transmission of
the structure in both directions is identically zero, which agrees with our expectation given
a lack of a direct connection between the input and the output.
A comparison may be made with multi-arm optical isolators based on tandem electro-
optic phase modulation [50], where back-to-back phase modulation with quarter-wavelength
optical delays in between results in nonreciprocity. In our approach, commutation is es-
sentially amplitude modulation with very high modulation ratio. Staggered commutation
results in phase nonreciprocity, and the filtering effect that is unique to commutation across
media with appreciable capacitance eliminates the need for quarter-wavelength delays, allow-
ing the phase nonreciprocity to be achieved within dimensions as small as λ/1250× λ/1250
in our device.
2.2 Linearity-Enhanced Circulator Topology
To create nonreciprocal wave propagation, the nonreciprocal N-path-filter (gyrator) with
+/-90◦ phase-shift is placed inside a 3λ/4 transmission line loop as can be seen in Fig. 2.4.
This results in satisfaction of the boundary condition in one direction (-270◦ phase-shift
from the loop added with -90◦ from the N-path filter) but not in the opposite direction
(-270◦+90◦=-180◦). As a result, waves can propagate in only one direction in the loop.
Additionally, a three-port circulator can be realized by placing ports anywhere along the
loop as long as they maintain a λ/4 circumferential distance between them (Fig. 2.5).
The circulator is analyzed in Appendix C using an approximate model in which the
N-path filter is modeled with its S-parameters at the center frequency (fs) and two series
resistances (Rsw) representing the resistance of the switches. The behavior of an N-path
filter depends on the source and load impedances, and the use of the S-parameters presented
earlier that were derived with 50 Ω source and load impedances represents an approximation

















































Figure 2.4: Nonreciprocal wave propagation achieved by placing the two-port N-path filter
with +/-90◦ phase-shift within a 3λ/4 transmission line loop. (a) Boundary condition is
satisfied in the clockwise direction. (b) Violation of boundary condition in the counter-
clockwise direction.
to avoid a full-blown LPTV analysis of the entire circulator circuit.
To simplify the analysis, we first assume that the N-path filter and the transmission
lines are ideal (N → ∞, α = sinc2(π/N) → 1, Rsw = 0). As shown in Fig. C.1, by
using conventional microwave circuit analysis techniques, 13 equations are needed to fully
solve the circuit unknowns. These 13 unknowns consist of 8 wave amplitudes (forward and
backward waves propagating in each transmission line section) and 5 node voltages Vtx, Vant,
Vrx, Vx and Vy. A detailed explanation of the equations and an step-by-step approach to
solve them is described in Appendix C. Following this approach, the overall S-parameters of











































Figure 2.5: A general representation of a 3-port circulator where the RX port is placed at a
distance l from the right-hand side of the gyrator.















where β and l are the propagation constant of the 3λ/4 ring and the distance from the RX
port to the N-path filter respectively.
These S-parameters correspond to an ideal circulator with 0 dB loss and perfect matching
at each port. As can be seen from Eqs. (2.6)-(2.7), the voltages on either side of the N-path























Figure 2.6: Miniaturized linearity-enhanced circulator constructed by placing the RX port
right at the N-path filter.
filter (Vx, Vy) have a magnitude of
sin(βl)Vin,tx
2
. Interestingly, by setting l to zero, the voltages
across the N-path filter remain quiet for excitations at the TX port, thus enhancing the TX-
ANT linearity compared to ANT-RX. Fig. 2.6 depicts such a linearity-enhanced circulator
where the transmission lines have been further miniaturized using lumped CLC equivalent
circuits.
2.2.1 Loss, Isolation and Linearity Enhancement Under Non-Idealities
In reality, the N-path filter is implemented using finite number of paths (N) and non-zero
switch resistance (Rsw). In such a case, the TX-ANT loss (S21) and TX-RX isolation (S31)
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An equation for Vx under TX port excitation has also been derived as follows:
Vx =









Interestingly, the TX-ANT loss is independent of N and only depends on Rsw, while the
isolation depends on both Rsw and N (via α). For N →∞ (α → 1), the isolation becomes
perfect (S31 = 0 i.e. Vrx = 0 for TX port excitations) and |Vx| = |RswVin,txZ0+Rsw |. For Rsw = 0,
the isolation becomes perfect as well and Vrx = Vx = 0 for TX port excitations.
As mentioned earlier, in the ideal scenario, the voltages across the gyrator are quiet for
TX-port excitations, and the TX linearity is enhanced substantially. When finite N and non-
zero Rsw are considered, the linearity enhancement will be related to the finite magnitude
of the voltages Vrx and Vx. As N is increased, the linearity enhancement is limited by the
voltage swing at Vx1. However, decreasing Rsw increases the linearity enhancement as both
Vrx and Vx are suppressed.
Similarly, the ANT-RX loss (S32) can be calculated as:
S32 =









The ANT-RX loss depends on both Rsw and N . For N → ∞ (α → 1), the ANT-RX loss
becomes perfect (S31 = −j). Further, for ANT port excitations, the voltages on both sides
of the N-path filter have the same magnitude (|Vx| = |Vrx| = |S322 Vin,ant|). In other words,
the ANT excitation appears in common mode across the N-path filter. Due to this fact, the
IB ANT-RX linearity is identical to the linearity of the N-path filter.
Fig. 2.7 shows calculations, simulations (at varying levels of complexity) and measured
performance as a function of Rsw for N = 8. As can be seen in Fig. 2.7(a) the analysis
closely predicts the TX-ANT loss (S21). A good agreement is seen in ANT-RX loss (S32)
as well, although the simulated (with real FETs) and measured loss values increase beyond
1This scenario is similar to the out-of-band linearity mechanism in mixer-first receivers where the voltage
on one end of the N-phase mixer is nulled due to the input filtering of the Transimpedance Amplifier (TIA),
and the voltage on the other end is limited by switch resistance.
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Analysis Sim. (N-path S-params - Ideal Tlines)
Sim. (Switch-based N-path - Ideal T-lines) Sim. (FET-based N-path - Ideal T-lines)
















































Figure 2.7: Comparison of analysis, simulations (for varying complexity levels) and measured
results of the circulator versus Rsw for N = 8: (a) TX-ANT loss (S21), (b) ANT-RX loss
(S32), and (c) TX-RX isolation (S31).
the theory for larger switch sizes (lower Rsw) due to the increase in the parasitic capacitance
directly in parallel with the RX port. These effects would be exacerbated for higher operating
frequencies, but would be alleviated through use of more scaled CMOS technology nodes
at the potential expense of the power handling. As such, using currently available CMOS
technologies, this circulator concept is viable at RF frequencies where N-path filters have been
explored. TX-RX isolation (S31) is predicted to improve for larger switch sizes, becoming
perfect at Rsw = 0 as discussed earlier. The simulated (with real FETs) and measured
TX-RX isolation are also lower than analysis for lower Rsw values due to small mismatches
produced by capacitive parasitics, necessitating an antenna impedance tuner (as is the case
with all circulators).
2.2.2 Tuning Range of the Circulator
While the N-path filter can be tuned by changing the clock frequency, the tuning range of
the circulator is limited by the use of quarter-wave transmission lines (or their equivalents).
Similar to the previous subsection, the tuning range of the circulator can be derived using
the model shown in Fig. C.2. The analysis and its results are described in Appendix C.
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Analysis Sim. (N-path S-params - Ideal Tlines)
Sim. (Switch-based N-path - Ideal T-lines) Sim. (FET-based N-path - Ideal T-lines)
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Figure 2.8: Comparison of analysis, simulations (for varying complexity levels) and measured
results of the circulator versus clock frequency fs for N = 8 and Rsw = 6Ω: (a) TX-ANT
loss (S21) at fs, (b) ANT-RX loss (S32) at fs, and (c) TX-RX isolation (S31) at fs. The
transmission lines are quarter-wave at 750 MHz.
Fig. 2.8 shows calculations, simulations (at varying levels of complexity as before), and
measurement results of the insertion losses and TX-RX isolation as a function of clock
frequency fs. Each transmission line is quarter-wave at 750 MHz, Rsw = 6 Ω and N = 8.
Figs. 2.8(a) and (b) show the TX-ANT loss (S21) and ANT-RX loss (S32), confirming that
the analysis can predict the loss closely even for the case when a FET-based N-path filter
is used. The use of CLC equivalents as opposed to a true quarter-wave transmission line
results in an increase in loss as the circulator is tuned, which is the price to be paid for
miniaturization. Nevertheless, it can be seen from both figures that S21 and S32 can remain
low for as high as 30% tuning around the center frequency. On the other hand, Fig. 2.8(c)
shows the sensitivity of the isolation to frequency tuning, necessitating an antenna port
impedance tuner as is the case with all circulators.
2.2.3 Effect of Inductor Quality Factor
Fig. 2.9 shows simulated circulator loss and isolation as the inductor quality factor
is varied. The simulation setup consists of 3 CLC sections, each designed to emulate a
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Figure 2.9: The simulated effect of inductor Q on the circulator’s S-parameters: (a) TX-
ANT loss (S21), ANT-RX loss (S32) and (b) TX-RX isolation (S31). 3 CLC sections at 750
MHz are used with an 8-path filter employing transistor-based switches, CBB = 26 pF and
Ron = 6 Ω.
quarter-wave transmission line at 750 MHz using ideal capacitors and inductors with a
resistor in series with the inductor. An 8-path filter is used with transistor-based switches,
CBB = 26 pF and Ron = 6 Ω, similar to our implementation. As expected, lowering the
inductor Q increases the losses in both TX-ANT and ANT-RX paths. The losses are lower
than 2.5 dB for Qs of 25 and higher, which is achievable using Integrated Passive Device
(IPD) technologies.
Additionally, the isolation is not significantly affected by the inductor Q, and even initially
improves since the losses through the transmission line match that of the N-path filter. In
a practical scenario, as mentioned earlier, the isolation will be limited by parasitics and
antenna mismatch, necessitating an antenna port impedance tuner as is the case with all
circulators.
2.2.4 TDD Mode of Operation
The circulator can also be configured to operate as a reciprocal Transmit/Receive (T/R)
switch for half-duplex Time Division Duplexing (TDD) applications. For TX-ANT trans-
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mission, the switches of at least one path need to be turned on permanently, creating a
virtual ground at the RX port due to the large capacitance in parallel. This low impedance
is transformed to relatively high impedances at the TX and ANT ports by the two quarter-
wavelength transmission lines on each side of the N-path filter. Hence, the circuit simplifies
to a low loss 50 Ω t-line between TX and ANT (Fig. 2.10(a)). Similarly, if all the switches
of the N-path filter are turned off, the high impedance at the N-path filter is transformed to
a low impedance at the TX port, which in turn is transformed to a high impedance at the
ANT port. The resulting equivalent circuit is a low loss 50 Ω t-line between ANT and RX
(Fig. 2.10(b)). It should be noted, however, that the circulator prototype described later in
this dissertation was not optimized to achieve high TX-RX isolation in this reciprocal T/R
switch mode of operation.
2.3 Implementation
A circulator is designed for tunable operation around 750 MHz in 65 nm CMOS. The
schematic of the circulator is depicted in Fig. 2.6. The 3λ
4
line is miniaturized using three
CLC sections implemented with on-chip Metal-Insulator-Metal (MIM) capacitors and off-
chip air-core 8.9 nH inductors (0806SQ from Coilcraft, QL >100). The N-path filter uses
8-paths to reduce S32 losses. The capacitance of each path is 26 pF, chosen for 30 MHz
ANT-RX bandwidth. Switch resistance for each of the sixteen transistors is 6 Ω, determined
based on the S21-S32 trade-off and to maximize TX-ANT linearity performance. Clock
phase-shifting is accomplished using 4-phase vector-interpolation phase-shifters at twice the
switching frequency, followed by a second frequency division to achieve 8 phases. The detailed
LO path block and circuit diagrams can be found in Fig. 2.11.












































































Figure 2.10: TDD mode of operation: (a) TX-ANT transmission mode and (b) ANT-RX
transmission mode.
2.4 Measurement Results
The chip microphotograph of the 65 nm CMOS circulator is shown in Fig. 2.12. The
circulator has an active area of 0.64 mm2 and is mounted in a 24-pin Quad-Flat No-leads
(QFN) package.
The measured S-parameters of the circulator for a clock frequency of 750 MHz are shown
in Fig. 2.13 for two cases: first, when all ports are terminated with 50 Ω and second, when
the third port is slightly tuned using an off-chip impedance tuner to maximize the reverse
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Figure 2.11: The detailed block and circuit diagrams of the LO path of the standalone 65 nm
CMOS non-magnetic nonreciprocal N-path-filter-based passive circulator.
isolation at the center frequency2. The TX-ANT path has a wideband response and exhibits
1.7 dB of loss at the center frequency. The ANT-RX path experiences the filtering profile
of the N-path filter, with a minimum loss of 1.7 dB at the center frequency. The circulator
has broadband TX-RX isolation better than 15 dB. By slightly tuning the ANT impedance,
it achieves narrowband isolation of upto 50 dB and 20 dB isolation BW of 32 MHz. An
excellent correlation to simulations is also seen.
The measured matching of the circulator for a clock frequency of 750 MHz is shown in
2It should be noted that all circulators in general require an impedance tuner as the TX-RX isolation is
extremely sensitive to reflections at the ANT port.
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Figure 2.12: Chip microphotograph of the standalone 65 nm CMOS non-magnetic nonrecip-
rocal N-path-filter-based passive circulator.
Fig. 2.14. Since the circulator has been measured with a two port Vector Network Analyzer
(VNA), each subplot shows matching at two of the port while the third port is terminated
with a 50 Ω impedance. As can be seen from Fig. 2.14, all ports are well matched at the
center frequency.
As mentioned before the device has the ability to be reconfigured between reciprocal
and nonreciprocal operation and can be operated in a reciprocal TDD operation mode.
We demonstrated reconfigurable modes of operation in measurements in the absence of
commutation, where the structure becomes reciprocal with low-loss transmission between
the TX-ANT, and ANT-RX. In other words, the prototype can be reconfigured between
operation as a nonreciprocal circulator and a reciprocal low-loss T/R switch. In the TDD
operation mode, the losses are 1.8 dB and 1 dB for TX-ANT and ANT-RX paths respectively
as shown in Fig. 2.15.
Another unique feature of the fabricated prototype is its real-time reconfigurability. By
changing the staggering between +90◦ and -90◦, the direction of circulation can be altered,
as is seen in Fig. 2.16.
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Figure 2.13: Circulator S-parameter measurements and simulation results for a clock fre-
quency of 750 MHz: (a) S21, (b) S12, (c) S32, (d) S23, (e) S13 and (f) S31. The measurements
and simulations have been done for two cases: first, when all ports are terminated with 50 Ω
and second, when the third port is slightly tuned to maximize the reverse isolation at the
center frequency.



































































Figure 2.14: Circulator matching measurement results for a clock frequency of 750 MHz:
From (a) TX-ANT, (b) ANT-RX and (c) TX-RX measurements. Two-port S-parameter
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Figure 2.16: The direction of circulation can be altered by changing the LO phase shift
between +90◦ and -90◦.

















Figure 2.17: Measured TX-ANT loss at the center frequency as clock frequency is tuned.


























Figure 2.18: Nonreciprocity ratio S13/S31 across different LO frequencies ranging from
700 MHz to 800 MHz. In each case, tuning of the ANT impedance is exploited to achieve
40-50 dB isolation at the commutation frequency.
The frequency of operation of the circulator can also be tuned by changing the LO
frequency within the limits dictated by the bandwidth of the 3λ/4 transmission line ring.
Fig. 2.17 shows the TX-ANT loss at the center frequency as clock frequency is tuned. For
each clock frequency, phase-shift tuning between the clocks on either side is used to minimize
the losses. Less than 3 dB loss is maintained over 610-850 MHz. ANT impedance tuning
can be utilized to fine tune the TX-RX isolation across the operation bandwidth. As can
be seen in Fig. 2.18, 40-50 dB of nonreciprocity in S31 is maintained across 700 MHz to
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Figure 2.20: Measured and simulated ANT-RX NF of the circulator for a clock frequency of
700MHz.
800 MHz by slightly tuning the ANT impedance.
The measured circulator IB TX-ANT IIP3 is +27.5 dBm while the ANT-RX IB IIP3 is
+8.7 dBm (Fig. 2.19(a) and (b)), a remarkable ∼20 dB improvement due to the linearity
enhancement technique (i.e. l = 0). A good agreement with simulations is also seen. These

























Figure 2.21: Measured clock-feedthrough to the ANT port and IQ image rejection for TX-
ANT transmission. The swept-power TX tone is at 748 MHz and a clock frequency of
750 MHz is used.
linearity simulations employ the approach described in [107] to combat Berkeley Short-
channel IGFET Model (BSIM) modeling deficiencies.
The measured ANT-RX NF is 4.3 dB as shown in Fig. 2.20. This NF is higher than the
ANT-RX loss, and is degraded by 2.3 dB when compared with the simulated NF with ideal
clocks due to the implementation approach of the clock phase shifter (the square-wave digital
clocks are attenuated and filtered to produce weak sine waves for linear vector interpolation
as shown in Fig. 2.12, leading to susceptibility to phase noise). Simulations reveal that
usage of static 90◦ phase-shifts or digital phase interpolators that preserve the square-wave
nature of the clock in an improved clock path design lowers the NF to the expected 2 dB
value. Retiming the multiple phases with the original LO signal has also been shown to be
beneficial in prior art [80].
Fig. 2.21 depicts measurements that reveal a clock feedthrough to the ANT port of
about -57 dBm at the center frequency and an I/Q image rejection of 49 dB for TX-ANT
transmission.
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2.5 Conclusion
In this Chapter, a novel approach to break reciprocity through conductivity modulation
in commutated networks by staggering the clocks driving two sets of commutating switches
across an effective delay medium is presented. A 65 nm CMOS circulator prototype has
been designed and implemented to verify the claims. Additionally, analysis of conductivity-
modulation-based electrical and electro-acoustic circulators are provided in Appendix C-D.
While the design of our CMOS prototype is deliberately asymmetric with respect to the
three ports to prioritize linearity to port 1 excitations for communication applications, a sym-
metric design may also be envisioned where a nonreciprocal phase component is incorporated
in all three arms, i.e., between all three ports. Such a symmetric circulator structure would
enable extension of the concept to nonreciprocal metamaterials that support topologically-
protected wave propagation modes [108].
It is also interesting to consider the application of these concepts to other domains
where a high-quality switch is available, such as optical waves. Compact optical switches
with 1-2 orders of magnitude ON/OFF transmission ratio [109, 110] open the door to op-
tical nonreciprocity and isolation through commutation-based parametric modulation. The
nanosecond-scale switching speed implies GHz-range commutation frequencies, much smaller
than the optical carrier frequency, which can be accomodated by commutating across high-Q
optical filters that eliminate one of the modulation sidebands, similar to the low-pass filter
effect used in our prototype.
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Chapter 3
Applications of CMOS Magnetic-Free
Passive Circulators in Full-Duplex
Receivers
3.1 Full-Duplex Wireless
Since the dawn of the radio, transmission and reception have been separated to pro-
tect the RX from being jammed by Self-Interference (SI), i.e. the interference that comes
from the co-located radio TX. This separation is called duplexing. Today’s wireless sys-
tems still rely on duplexing to avoid SI – many short range or local area radios, such as
Bluetooth and WiFi transceivers, transmit and receive in non-overlapping time slots, called
TDD, while other modern wireless systems, such as the majority of today’s cellular sys-
tems, use Frequency Division Duplexing (FDD) to separate the transmission and reception
in the frequency domain. Both TDD and FDD are half-duplex, where the separation of the
transmitted signal and the received signal of a single user in either frequency or time causes
inefficient utilization of limited wireless resources.
Same-Channel Full-Duplex (SC-FD) wireless (we will use FD instead of SC-FD in the
rest of this thesis for simplicity), an emergent wireless communications paradigm, allows
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simultaneous transmission and reception at the same frequency, promising a significant en-
hancement in spectral efficiency (ideally doubling the link capacity) at the physical layer
and resulting in many other benefits at the wireless network level such as better spectral
efficiency, reducing network and feedback signaling delays, and resolving hidden-node prob-
lems to avoid collisions [89–91,111]. The thousand-fold data capacity increase envisioned in
the future generations of wireless communication networks is expected to be delivered by
technology candidates such as FD wireless and massive MIMO [112,113].
3.2 Challenges Associated with Integrated FD Radios
Achieving the 2× throughput gain and the other benefits mentioned above is contingent
upon overcoming several fundamental challenges associated with FD operation. Here, some
of the most important challenges of FD systems are reviewed:
3.2.1 Compact Antenna Interfaces for Full-Duplex
An ideal antenna interface for FD should be compact, have no loss and provide ex-
tremely high power handling without any additional power consumption. As shown in Ta-
ble 3.1, reported FD antenna interfaces can be divided into three categories, namely antenna
pairs [114, 115], Electrical-Balance Duplexers (EBDs) [116–119] and nonreciprocal circula-
tors [20,24,35,62,94,120,121]. Most of the existing FD demonstrations rely on bulky/off-the-
shelf antenna interfaces (such as antenna pairs and nonreciprocal ferrite circulators) which are
not applicable to form-factor-constrained mobile applications where compact integrated FD
antenna interfaces are desired. Compact FD antenna interfaces such as the electrical-balance
duplexers and circulators are also more compatible with MIMO and diversity applications.
Furthermore, single-antenna interfaces ensures wireless channel reciprocity, which is useful
at the higher layers1.
1Wireless channel reciprocity should not be confused with the nonreciprocity required to implement
circulators. Wireless channel reciprocity refers to the fact that the wireless channel between two nodes is
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Table 3.1: Comparison of antenna interfaces for full-duplex radios.
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Traditionally, nonreciprocal circulators have been implemented using ferrite materials [24]
that exhibit nonreciprocity via the Faraday effect in the presence of an external magnetic
field. Since ferrite materials are incompatible with IC fabrication processes, ferrite circula-
tors are expensive and bulky. Circulators that exploit the inherent nonreciprocity of active
devices [20,35,120,121] are limited by the noise and nonlinearity introduced by the active de-
vices [32]. Therefore, novel techniques that enable high-performance non-magnetic integrated
circulators are of high interest. EBD are hybrid transformers that are able to provide isola-
tion between the transmitter and the receiver through a balancing impedance at the expense
of a minimum of 3 dB loss2 between the TX and ANT, and ANT and RX [116,118,119,122].
In electrical balance duplexers, the losses can be made asymmetric to favor either TX-ANT
or RX NF performance [123].
3.2.2 Achieving >100 dB SI Suppression
Based on the maximum transmitter power and the receiver sensitivity that must be sup-
ported by the application, >100 dB SI suppression can be required. Ideally the SI suppression
the same irrespective of which node is transmitting and which node is receiving.
2Typically higher when parasitic losses are factored in.
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Figure 3.1: An overview of the various non-idealities and challenges associated with the
design of integrated full-duplex transceivers.
must be achieved without any additional power, noise and linearity penalty. Additionally,
such a high level of SI suppression must be performed across multiple domains, such as
antenna, RF, analog and digital, as obtaining such a high level of precision from a single
domain or circuit is prohibitive from a circuit complexity or power consumption perspective.
The suppression must be judiciously distributed across the domains, as suppression in one
domain relaxes the dynamic range requirements of the domains downstream. Furthermore,
all cancellation circuits must be adaptively configured together – optimization of the perfor-
mance of a single cancellation stage alone can result in residual SI that is sub-optimal for
the cancelers downstream. Research efforts that rely on commodity hardware have examined
these challenges [90, 124–126], and demonstrated >100 dB SI suppression.
CHAPTER 3. APPLICATIONS OF CMOS MAGNETIC-FREE PASSIVE
CIRCULATORS IN FULL-DUPLEX RECEIVERS 52
3.2.3 Transceiver Non-Idealities
The extremely powerful nature of the SI exacerbates the impact of non-idealities such as
nonlinearity and phase noise, particularly for IC implementations (Fig. 3.1). For instance,
nonlinearity along the transmitter chain will introduce distortion products. Antenna and
RF cancellation that tap from the output of the transmitter will suppress these distortion
products, but linear digital cancellation will not as it operates on the undistorted digital sig-
nal. Depending on the amount of antenna and RF cancellation achieved, the analog receiver
front end may introduce distortion products as well, as may the RF cancellation circuitry.
Nonlinear digital cancellation may be employed to recreate and cancel these distortion prod-
ucts, but the associated complexity and power consumption must be considered. LO phase
noise can pose problems as well. If a common LO is used for the transmitter and the re-
ceiver, the phase noise in the transmitted and the received SI will be completely correlated,
enabling its cancellation in the receiver downmixer. However, delay in the SI channel will
decorrelate the phase noise, resulting in residual SI that cannot be cancelled. A discussion
of these challenges for integrated FD radios may be found in [127] and [89]. The integrated
FD radio in [128] is noteworthy in that it emphasizes the linearity of the receiver front end
and the analog SI canceler, enabling the handling of high SI power levels. The impact of
phase noise is discussed in [129–131].
3.3 Full-Duplex Receiver with Integrated Magnetic-Free
Circulator
In the previous Chapter, we introduced a new circulator concept based on conductivity
modulation and the phase-nonreciprocal behavior of two-port LPTV N-path filters when
phase-shifted clock signals are applied to the input and output sets of switches, resulting in
the first CMOS non-magnetic passive circulator.
In this Section, A FD receiver which integrates the circulator with additional analog
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BB SI cancellation is reported. This FD receiver (1) enables a compact FD radio with an
integrated low-loss shared-antenna interface, (2) achieves 42 dB on-chip SI suppression across
the circulator and analog BB domains over 12 MHz signal BW, and (3) demonstrates 85 dB
overall SI suppression in conjunction with digital Self-Interference Cancellation (SIC) and
SI 3rd order Intermodulation (IM3) distortion cancellation, enabling an FD link budget of
−7 dBm TX average output power and −92 dBm noise floor. In the following Subsections
a system-level analysis of the short-range FD radio in presented along with implementation
details of the 65 nm CMOS 0.6-0.8 GHz FD receiver and a description of the measurement
results and digital SIC algorithm3.
3.3.1 System Requirements
To calculate the system requirements of a FD receiver with integrated magnetic-free
circulator we consider a block diagram similar to Fig. 3.1. In this system, the antenna
interface (magnetic-free circulator) exhibits a certain amount of TX-to-RX Isolation (ISO).
We further assume that additional self-interference cancellation exists only in the analog
and digital domains (no RF cancelers). SIC in the analog domain taps from the TX analog
baseband and cancels the SI at the RX analog baseband. Finally, SIC in the digital domain
suppresses both the main SI and the associated distortion signal generated by the TX,
circulator, RX, and analog SI canceler.
We assume a short-range wireless system with 10 MHz RX BW and 12 dB RX NF
(NFRX), which results in an RX input-referred noise floor (PNoiseF loor) of −92 dBm4. Given
a −6 dBm PTX , the required overall SIC can be calculated as −6 dBm − (−92 dBm) =
86 dB and is distributed across the circulator, analog, and digital domains as depicted in
Fig. 3.1. Assuming a required Signal-to-Noise Ratio (SNR) of 15 dB, 2 dBi TX and RX
dipole antenna gain, implementation losses of 5 dB, 15 dB margin for signal fading, and
5 dB (3×) sensitivity degradation due to the residual SI and its IM3, the link budget of
3The work presented in this Section has been done in close collaboration with Dr. Jin Zhou.
4PNoiseF loor is the original half-duplex noise floor.
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−6 dBm + 4 dBi − (−92 dBm + 5 dB) − 15 dB − 5 dB − 15 dB = 50 dB translates to a
transmission distance of 10 meters at a frequency of 750 MHz.
SI suppression in the circulator and analog domains is critical for relaxing the Analog to
Digital Converter (ADC) Dynamic Range (DR) requirement. At the ADC input, assuming
an identical power level for the main SI and its associated distortion signal, the required
ADC DR can be calculated as DRADC = (PTX − ISO − SICBB + 6) − (PNoiseF loor − 6),
where SICBB is the amount of SIC achieved in the analog domain. We have included a 6 dB
margin at both ends5.
The SI suppression in the circulator and analog domains also determines the required
RX effective in-band IIP3 (i.e. IIP3 under analog SIC). Let us assume that the integrated
circulator and the SI-cancelling receiver contribute equally to the SI-induced distortion signal
at the ADC input. Since we’ve assumed that the SI-induced distortion signal at the ADC
input has the same power level as the residual main SI after the circulator isolation and
analog SIC, the RX effective in-band IIP3 can be calculated as:
IIP3,RX,eff = (PTX − ISO − 3) +
1
2
(SICBB + 3), (3.1)
where the single tone power of a two-tone main SI at the RX input is PTX − ISO − 3 and
the input-referred IM3 distortion signals generated by the RX are below the main SI by
SICBB + 3. The 3 dB margin is for the IM3 signals generated by the integrated circulator.
Similarly, the TX-port-referred 3rd order Intercept Point (IP3) of the integrated circulator’s
TX-to-RX isolation can be calculated as:
IIP3,Circ,ISO = PTX − 3 +
1
2
(SICBB + 3). (3.2)
Equations (3.1) and (3.2) indicate that enhancing SICBB beyond a certain point carries
no benefit. Beyond this point, more SIC in the analog BB does not relax the ADC DR
requirement since SI IM3 products will dominate the residual SI at the ADC input. It should
53 dB of the 12 dB margin accounts for the addition of the residual SI and its distortion signal.
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* Assume a required SNR value of 15 dB, 2 dBi TX and RX dipole antenna  
gain, implementation losses of 5 dB,15 dB margin for signal fading, and  
5 dB sensitivity degradation due to the residual SI and its IM3.  
#Half-duplex noise figure. 
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be noted that a higher circulator isolation relaxes both the ADC DR and the SI-cancelling
RX effective IIP3 requirements. Finally, the required SIC in the digital domain for the main
SI and the SI-induced IM3 signals can be calculated as PTX − PNoiseF loor − ISO − SICBB
each.
Assuming 20 dB isolation from the circulator and SICBB=20 dB, we can calculate
ADC DR as 58 dB (2×6dB margin is included as mentioned before), RX effective IIP3
as −17.5 dBm, and circulator ISO IIP3 (IIP3Circ,ISO) as +2.5 dBm. In addition, 46 dB
SIC is required in the digital domain for both the main SI and the SI-induced IM3 signal.
Table 3.2 summarizes the FD system specifications. As will be seen later on, the TX power
handling of our full-duplex implementation is dictated by the digital SIC and the RX effective
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IIP3, which meet these aforementioned requirements. The integrated circulator’s linearity
exceeds the requirements dictated by the -6 dBm TX power level.
3.3.2 Implementation Details
The circulator is integrated with a noise-canceling current-mode RX (see Fig. 3.2). Both
the circulator and the RX are powered from 1.2 V supplies. The noise-canceling current-
mode RX, similar to that in [132], consists of a Common-Gate (CG), Common-Source (CS)
Low-Noise Transconductance Amplifier (LNTA), 4-phase passive mixers, TIAs, and analog
baseband recombination circuitry. SIC at the analog BB is required to further relax the
RX and ADC dynamic range requirements as discussed in the previous Subsection. The
analog BB canceler taps from the TX BB, adjusts the amplitude and the phase, and injects
the cancellation current at the TIA input. Performing BB SIC at the TIA input not only
protects the RX analog BB circuits, but also enhances the RX mixer and LNTA linearity
by creating a virtual ground at the passive mixer output. Amplitude and phase scaling is
achieved through two 5-bit digitally-controlled phase rotators injecting into the I- and Q-
paths of the RX analog BB. Each phase rotator consists of 31 identical cells with independent
controls, similar to [128]. The unit cell of the phase rotator adopts a noise-canceling CG and
CS topology, allowing partial cancellation of the noise from the CG devices (dependent on
the phase rotator setting). 1.3 V and 2.2 V supplies are used for the BB canceler as indicated
in Fig. 3.2.
3.3.3 Measured Results
The chip microphotograph of the 65 nm CMOS SI-cancelling FD receiver with the in-
tegrated circulator is shown in Fig. 3.3. The chip has an active area of 1.44 mm2 and is
mounted in a QFN package with 56 leads.
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Figure 3.2: Block diagram and schematic of the implemented 65 nm CMOS full-duplex
receiver with integrated circulator and analog BB self-interference cancellation.
Figure 3.3: Chip microphotograph of the 65 nm CMOS full-duplex receiver with integrated
circulator and analog BB self-interference cancellation.
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(a) (b) (c)
Figure 3.4: Measured FD receiver ANT-to-RX-BB characteristics: (a) conversion gain, (b)
noise figure, and (c) IIP3.
3.3.3.1 Receiver with Circulator
The SI-cancelling FD receiver with the integrated circulator operates over 610-850 MHz,
with peak gain of 42 dB, IB IIP3 of −33 dBm at peak gain, and Out-Of-Band (OOB) IIP3
of +19 dBm at 200 MHz offset and +11 dBm at 40 MHz offset when the circulator is in
FD mode (Fig. 3.4). All these results are referred to the ANT port. When the circulator is
configured in TDD mode, the measured peak gain and IB IIP3 at peak gain are the same as
when the circulator is in FD mode. The measured OOB IIP3 is +16 dBm at 200 MHz offset
and +4 dBm at 40 MHz offset. The OOB IIP3 in FD mode benefits from the filtering effect
of the circulator’s N-path filter at the RX input. The measured NF is 5.0 dB in TDD RX
mode, and increases to 8.4 dB in FD mode due to the circulator LO path phase noise issue
described previously (as in Fig. 3.4(b)). An improved LO design restores the FD mode NF
to 5 dB in simulation.
3.3.3.2 Transmitter and LO Path for FD Measurements
The transmitter uses an off-the-shelf quadrature modulator from Texas Instruments
(TRF370417) that is driven by the integrated TX baseband buffers, and has a measured
output IP3 of +20 dBm. The TX output noise level is measured to be −145 dBm/Hz. Given
20 dB circulator isolation, the TX noise floor at the receiver input would be −165 dBm/Hz,
which is 3 dB lower than the RX input-referred noise floor. The measured transmitter image
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rejection ratio is greater than 30 dB and thus does not limit the targeted 20 dB analog BB
SIC.
The circulator and the FD receiver receive clock inputs at four times and twice the RF
carrier frequency, respectively. In the measurement, a custom-designed discrete-component-
based divide-by-two divider was used in the receiver LO path allowing the circulator and the
FD receiver to share one LO source. The TX modulator which receives an LO at the RF
carrier frequency used a separate LO source. Thanks to a relatively-low transmitter output
power level and the fact that we used high-quality signal sources, the noise floor induced by
the lack of correlation between TX and RX phase noise does not degrade the original noise
floor of the receiver.
3.3.3.3 Full-Duplex Operation
A joint-SIC approach was used for achieving better overall SIC across the circulator and
analog domains. Given the frequency-flat amplitude- and phase-based analog canceler, max-
imizing the circulator TX-RX isolation at a single frequency by tuning the ANT impedance
(see Fig. 2.13) is not optimal for overall SIC. The antenna tuning was optimized to get a
flat isolation of about 20 dB from the circulator (see Fig. 3.5), allowing better SIC from
the subsequent analog BB canceler. In the measurement, an average overall SI suppression
of 42 dB was achieved across the circulator and analog BB canceler over a BW of 12 MHz
(Fig. 3.5).
As shown in Fig. 3.6, the analog BB SI canceler further increases the RX NF to 10.9 dB
(TX signal not present). With the improved LO design for the circulator as described earlier,
a 7 dB NF with canceler on is obtained in simulation. Fig. 3.7 depicts linearity tests under
powerful SI with the same antenna tuning mentioned before for 42 dB average overall SIC.
SIC of up to −4 dBm of TX power results in small gain compression (1 dB) of a desired
signal, as opposed to nearly 15 dB of compression in the absence of analog BB SIC.
Fig. 3.8(b) depicts both the main two-tone SI at the RX output as well as IM3 distortion
generated on the SI by the circulator, RX and BB canceler for varying TX two-tone power.
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Figure 3.5: Measured small-signal SI suppression across the circulator and analog domains
using a joint-SIC approach.
Figure 3.6: Measured and simulated (with an improved circulator LO design) impact of the
analog BB SI canceler on RX NF in the FD mode.
All signals are referred back to the ANT port to enable comparison with the noise floor
of -92 dBm. The same antenna tuning that was applied in the joint-SIC approach is used
here. Analog BB SIC improves the effective in-band RX IIP3 from −33 dBm to −18 dBm.
We have also implemented digital SIC in MATLAB after capturing the baseband signals
using an oscilloscope (an 8-bit quantizer). The digital SIC is based on a nonlinear tapped
delay line (see Fig. 3.8(a)) which essentially models the SI channel in digital as a truncated
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Figure 3.7: Measured ANT-to-RX-BB gain compression of a weak desired signal with and
without analog BB SIC versus varying TX output power level.
TX Average Output Power (dBm)
(a) (b)
-92dBm noise floor
Figure 3.8: (a) The nonlinear tapped delay line used for digital SIC, and (b) measured


















where y[n] is the nonlinear tapped delay line output for SIC, x[n] and x[n− k] (k represents
the delay index) are the current and past TX digital baseband signals, N corresponds to
the maximum delay in the modeled SI channel, and hi[k] (i = 1, 2, 3 . . . , p) is the i-th order
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Figure 3.9: FD N-path-filter-based circulator-receiver conceptual architecture and block di-
agram.
digital canceler coefficient for a delay index of k. The truncation of the Volterra series helps
to reduce the digital SI canceler complexity to a manageable level. In our measurement,
nonlinear terms up to 4th order are considered (i.e., p = 4) with a delay spread length of
41 samples, resulting in 164 total unknown canceler coefficients. The digital SI canceler
coefficients are determined using a two-tone pilot signal. By taking into account both the
delay spread and the nonlinearities of the SI channel, the digital SIC cancels not only the
main SI but also the IM3 distortion generated on the SI . After digital SIC, the main SI tones
are at the noise floor, while the SI IM3 tones are 8 dB below for −7 dBm TX average power.
This corresponds to a total SI suppression of 85 dB. As can be seen here, the −7 dBm TX
average power is not limited by the power handling of the circulator, but rather by the need
to cancel the main SI down to the noise floor in this measurement (in other words, by the
achieved total SI suppression).
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Figure 3.10: A reciprocal antenna interface: (a) matched at the RX port; (b) unmatched
at the RX port where RX reflection returns to the ANT port. A nonreciprocal antenna
interface: (a) matched at the RX port; (b) unmatched at the RX port but preserving ANT
matching.
3.4 Circulator-Receivers
Prior work on non-magnetic passive nonreciprocal circulators based on spatio-temporal
modulation of material properties such as permittivity [52,71] and conductivity [62,63,133]
are promising since they can theoretically achieve low loss, low noise, and high isolation, and
can be configured to maximize linearity for TX-side excitations as we have shown in Chapter
2. However, the practical demonstrations of these exciting but nascent approaches currently
remain limited in performance, particularly in noise and TX power handling.
In this Section, we introduce a new FD receiver architecture, namely an N-path-filter-
based circ.-RX, which re-purposes the commutation-based nonreciprocal circulator to also
perform down-conversion and provides direct access to baseband signals at its output, while
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maintaining noise performance that is comparable to mixer-first receivers [80, 120]. The
resulting circ.-RX architecture has lower power consumption and NF since the antenna
interface and mixing functionalities are achieved within the same block, eliminating the
additional Low-Noise Amplifier (LNA)/LNTA and mixer and their sources of noise. It also
has the additional benefits of allowing the co-design of the antenna interface and the RX,
and the embedding of TX-RX isolation-enhancing techniques. The enhancement of TX-RX
isolation through the embedding of a reconfigurable balance network increases TX power
handling, as the TX swing across the N-path switches is reduced, and more isolation is
achieved before the first active baseband amplifier.
This Section expands on [95, 96] by providing additional information on system require-
ments and circ.-RX evolution, analyses to quantify the noise performance, effect of the
embedded balance network, and the trade-off between linearity to TX excitations, isola-
tion/balancing range, and TX-ANT/ANT-RX insertion loss, implementation details of the
65 nm CMOS 0.6− 0.9 GHz circ.-RX, and a description of the measurement results and an
FD demonstration.
3.4.1 FD System Requirements and Circulator-Receiver Evolution
As mentioned earlier, we have shown that LPTV circuits such as N-path filters enable
passive nonreciprocity without the use of magnetic materials, and the integration of circu-
lators in CMOS [62,94]. This opens new opportunities for the design of fully-integrated FD
transceivers where the transceiver is co-designed with the antenna interface. Here we define
the FD link requirements and discuss some of the interesting features of an FD system where
the antenna interface and FD receiver are co-designed and co-optimized as a whole.
3.4.1.1 FD Link Requirements
Consider an FD system with a TX average output power of +8 dBm, signal BW of 20 MHz
and NF budget of 8 dB. The equivalent half-duplex noise floor is−93 dBm, requiring>100 dB
SIC. Our current system, shown in Fig. 3.9, is capable of providing about +80 dB of SIC
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across antenna and digital domains, as is discussed later. Additionally, we have previously
reported in [94] the feasibility of BB SIC which can provide an additional 20 dB cancellation.
Assuming a required SNR of 15 dB, 2.5 dBi TX and RX dipole antenna gain, implemen-
tation losses of 5 dB, 10 dB margin for signal fading, and 5 dB (3×) sensitivity degradation
due to the residual SI and its IM3, the link budget of 8 dBm + 5 dBi− (−93 dBm + 5 dB +
15 dB) − 5 dB − 10 dB = 71 dB translates to a transmission distance of 100 meters at a
frequency of 750 MHz (similar to the calculations done in the previous Section), which begins
to approach the requirements for small-cell FD communication.
Similar to before, a higher circulator isolation relaxes both the ADC dynamic range and
the SI-canceling RX effective IIP3. Additionally, in our circulator architecture, increasing
the isolation from TX to RX translates to lower voltage swings on the switches of the non-
reciprocal element, which enhances the circulator linearity and transmitter power handling
as well.
3.4.1.2 RX Matching in Nonreciprocal Antenna Interfaces
Integrated receivers are typically designed to have a 50 Ω input impedance to provide
matching for the conventional reciprocal antenna interfaces that precede them, such as Sur-
face Acoustic Wave (SAW) duplexers and filters. Matching is necessary to obtain best filter-
ing performance from the duplexer or filter. Additionally, any mismatch at the receiver port
causes a reflection which travels back to the antenna due to reciprocity and causes undesired
ANT re-radiation (Figs. 3.10(a)-(b)). The need to simultaneously achieve input matching
to 50 Ω and noise matching for low noise performance, particularly over wide bandwidths,
is the fundamental challenge of LNA/LNTA design.
The FD receiver introduced in the previous Section followed a similar conventional design
methodology, where the integrated circulator and the subsequent receiver were both designed
to provide a 50 Ω impedance at the RX port. However, in the case of nonreciprocal antenna
interfaces such as circulators, the receiver reflection circulates away from the ANT and is
absorbed at the TX port (Fig. 3.10(c)-(d)). Hence, the Zrx value shown in Fig. 3.10(d) does
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Figure 3.11: Simplified model to analyze the effect of balance impedance on the performance
of the circulator using the analytical S-parameters of the N-path filter (for N → ∞) and
series switch resistances - (a) for TX and ANT excitations, (b) and for noise.
not need to be 50 Ω. It can be shown that increasing Zrx increases the voltage gain from
ANT to the RX, and for the case of a high impedance RX interface (Zrx →∞), the voltage





|, for Zrx →∞ : |Vrx| = |2Vant|. (3.4)
It should be noted that after removing the RX termination, matching at the antenna
port will depend on the TX port impedance (ZPA) as shown in Eq. (3.5). This equation has
been derived for the model in Fig. 3.11(a) (including the balancing impedance). In practice,
other losses in the circulator, such as passive losses, will further improve the return loss seen






3.4.1.3 Embedded Down-Conversion and Noise Circulation
A conceptual architecture and block diagram of the circulator-receiver are presented in
Fig. 3.9. The circulator consists of a nonreciprocal LPTV gyrator built using an N-path
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Figure 3.12: Circulator-receiver features: (a) noise circulation and (b) isolation-enhancement
through a balance network that tracks antenna variations.
filter [102], combined with three transmission line sections of an overall length of 3λ/4 at
the operation frequency [62, 94]. As with all N-path filters, the nonreciprocal element can
also be viewed as a mixer-low pass filter-mixer structure with phase-shifted clocks. In such a
structure, it can be seen intuitively that any RF signal appearing on Zrx is down-converted
and low-pass-filtered by the BB capacitors. In other words, the circulator structure inherently
includes a mixer-first receiver, and the BB signals captured on the BB capacitors can be used
for further BB processing. Importantly, isolation continues to be seen between the TX port
and the N-path filter BB nodes.
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where IBB1−path and IRF,in are the currents flowing into one of the baseband paths and from
the RF source, respectively. As an example, for an 8-path non-return-to-zero mixer with
D = 12.5%, IBB1−path
IRF,in
= −0.22 dB, compared to 20log( 2
π
) = −3.92 dB in a 2-path mixer. In
other words, similar to the case of the non-return-to-zero mixer, by having a higher number
of paths in the N-path filter, N , with lower duty cycle, D = 1
N
, the RF-to-Intermediate
Frequency (IF) loss is improved since the fundamental component of the Fourier series for
each LO waveform is stronger. Subsequent recombination of different phases to create the I/Q
signal can provide an effective RF-to-IF voltage gain. For example, combining the 8 phases




weights for 0◦/180◦, 45◦/225◦,
90◦/270◦ and 135◦/315◦ phases results in an additional 12 dB recombination voltage gain.
An additional interesting behavior in the circ.-RX is noise circulation. As we will show
later, the noise of the RX-side switches contribute mainly to the RX NF while the noise of
the TX-side switches circulates away. Hence, the NF of the circ.-RX is theoretically as low
as that of traditional mixer-first RXs despite the additional set of switches (Fig. 3.12(a)).
It should also be noted that, while at higher frequencies, a mixer-first RX’s performance
is limited by the balance between Rsw of the mixers switches and parasitic capacitance on
the switch RF ports [135], in a circ.-RX, there is a possibility of absorbing the parasitic
capacitors into the transmission line to extend the frequency limit [136]. However, a formal
analysis of this is beyond the scope of this dissertation.
3.4.1.4 Enhancing Circulator Isolation
The TX-to-RX isolation in any three-port shared-antenna interface is limited to the
quality of matching at the antenna port. In a practical system, antenna matching depends
heavily on environmental reflections. As a result, antenna tuners are necessary to maintain
TX-to-RX isolation across ANT variations. If placed at the antenna port, the tuner should
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be as linear as the antenna interface itself for TX signals. In addition, parasitics within
the circulator itself can limit the isolation achieved. Inspired by the concept of the balance
network in electrical-balance duplexers [117], we have found that incorporating a tunable
impedance on the TX side of the N-path filter, as shown in Fig. 3.12(b), can enhance TX-RX
isolation. In essence, the tunable impedance creates a reflection that cancels out the reflected
TX signal leaking to the BB nodes. It is also notable that in this work, the balance network
is placed at a low-voltage-swing node with respect to the TX, hence maintaining the linearity
benefits of the circulator. However, there exists a trade-off between linearity, isolation, and
loss, as will be discussed in the following Subsection. In this work, we have prioritized
linearity and TX power handling, and therefore the balance network is mainly effective in
combating the effect of circuit parasitics, rather than handling large ANT variations.
3.4.2 Analysis of Integrated Circ.-RX Performance Metrics
3.4.2.1 Effect of the Balance Network
In Chapter 2, we demonstrated a simplified method of analyzing the N-path-filter-based
circulator, by using the fundamental-to-fundamental S-parameters of the N-path filter as a
simplified model (ignoring harmonic conversion effects) along with conventional microwave
circuit analysis techniques for the overall structure. Using the same method, a simplified
model for analyzing the circulator-receiver in the presence of the balance network is shown in
Fig. 3.11(a). The N-path filter is modeled using an ideal gyrator (assuming a large number
of paths N) and the effect of switch resistance is captured through two series resistances
with the gyrator element.
For an excitation at the TX, Vin,tx in Fig. 3.11, the voltages at various nodes within the
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Figure 3.13: Analysis and simulation results of the ideal circ.-RX shown in Fig. 3.11(a), (a)
without and (b) with the balance network across frequency for Vin,tx = 2 V . The analysis
is shown with markers while the lines represent simulations across frequency. Zant = 50 Ω,



























































where Vant is the voltage at the antenna port, Vrx and Vbal are the voltages at the right
and left sides of the simplified nonreciprocal N-path filter in Fig. 3.11(a), and V1 and V2 are
the voltages at the ideal gyrator ports (essentially the BB nodes, but without the frequency
translation effect). This analysis in its current form is only valid at the center frequency of
operation. However, an approach similar to [94] can be used to model the variation of the
CHAPTER 3. APPLICATIONS OF CMOS MAGNETIC-FREE PASSIVE
CIRCULATORS IN FULL-DUPLEX RECEIVERS 71
transmission lines’ response across frequency, as well as that of the N-path filter. Due to the
complexity of the equations, here we opted to limit the analysis to the center frequency and
use Cadence PSS+PAC simulations to verify our results and show the performance across
frequency.
From Eq. (3.9), by setting V1 to 0, a formula for the desired Zbal can be derived which
nulls the TX leakage at the gyrator as follows:
Zbal =
Z0RswZant
RswZant + Z0(Z0 − Zant)
(3.11)
Various important points can be deduced from the equations above. Firstly, Zbal becomes
0 when Rsw is 0. This is representative of the fact that when Rsw is 0, the gyrator is
ideal, which means that if balancing has been accomplished and V1 is 0, then Vbal is 0 as
well. This would render a shunt impedance at Vbal ineffectual. Therefore, while placing the
balancing impedance at Vbal leads to linearity benefits due to the low swing at that node for TX
excitations, it limits the utility of the balancing impedance to the compensation of parasitics
within the circulator and minor ANT impedance variations. For Rsw 6= 0, for Zant = 50 Ω,
the required Zbal that results in perfect isolation is also 50 Ω. Fig. 3.13 shows the results of
our analysis at the center frequency as well as simulations across frequency using Cadence
for the ideal circuit analyzed above without the balance network and with the addition of
the balance network for an excitation at the TX port. As can be seen, without the balance
network, in the presence of finite Rsw, perfect isolation is seen at Vrx but there is finite voltage
swing at V1 and VBAL. However, by tuning the balance network according to Eq. (3.11) (i.e.
to 50 Ω), the TX leakage is cancelled at the gyrator node V1. Secondly, the TX-to-ANT
loss in this case is largely not affected by the balance impedance Zbal, and only depends on
the Rsw and Zant. This is another expected benefit of placing the balancing impedance at a
node which has low swing for TX signals. Thirdly, as an example after balancing, Vbal is
-23 dB below Vtx for Rsw = 3.5 Ω and Zant = 50 Ω, indicating the extent to which the power
handling requirements on the balance network are relaxed.
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Figure 3.14: Analysis of the effect of balance network on the ideal circ.-RX: gyrator voltage
V1, representing the BB nodes, as a function of the balance resistance (a) for a Vin,tx = 2 V
TX excitation in Fig. 3.11(a) (Vin,ant = 0 V ), and (b) for a Vin,ant = 2 V ANT excitation in
Fig. 3.11(a) (Vin,tx = 0 V ). Zant = 50 Ω and Rsw = 3.5 Ω.
Similarly, for an excitation at the ANT port, Vin,ant, the various voltages are:






















































































V 2n,bal (1− Γbal)
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(3.15)
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Fig. 3.14 shows the trade-off between TX-BB isolation and ANT-RX loss by plotting
V1 using the equations above for both TX and ANT excitations and different values of
the balancing resistance (Zant = 50 Ω and Rsw = 3.5 Ω). It can be seen that unlike the
previous case, the ANT-to-gyrator loss increases with a lowering of the magnitude of Zbal.
Therefore, there exists a trade-off between TX-BB isolation and ANT-BB loss using this
balancing scheme.
The aforementioned approximate analysis captures the basics of how the balancing net-
work functions in the circ.-RX, and shows how it can compensate for switch resistance
parasitics. To verify this intuitive understanding for other types of parasitics, we have simu-
lated our circ.-RX, along with an LC ladder-based balance network model as used in [117],
also shown in Fig. 3.15. This impedance network can provide orthogonal impedance tun-
ability just by varying the capacitor values. The inductors are fixed with a Q of 20. The
circulator-receiver contains extracted layout parasitics, wirebond inductance and package
parasitics. Fig. 3.16 shows the ANT-to-BB gain and the TX-to-BB isolation with and with-
out the balance network, assuming 50 Ω antenna impedance. As mentioned earlier, the
balancing network is being used to compensate for layout parasitics, wirebond inductance
and package parasitics. More than 40 dB average isolation can be achieved over 20 MHz
RF BW with a 2.5 dB degradation in the ANT-RX loss. In our implementation we have
implemented a balance network consisting only of tunable capacitors and resistors, thanks
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Figure 3.16: Simulated (a) TX-BB isolation and (b) ANT-BB gain of the circulator receiver.
Simulations are run on the extracted post-layout schematics of the circulator-receiver, includ-
ing wirebond inductance and package parasitics, with the LC ladder-based balance network
(inductor Q=20) model shown in Fig. 3.15.
to an Surface Mount Devices (SMD) CLC-based fixed ANT tuning network incorporated on
the PCB performing a minor transformation (Voltage Standing Wave Ratio (VSWR)=1.2).
3.4.2.2 Noise Circulation
Here, we derive equations for the noise transfer function of the switch noise sources as well
as the balance network. The circuit diagram for noise analysis is shown in Fig. 3.11(b) where
the various noise sources are highlighted in red. The overall noise voltage at the gyrator is
shown in Eq. (3.15) (assuming equal switch resistance on both sides of the gyrator). Where
Γbal is the reflection coefficient of the balance network (Γbal = Zbal−Z0Zbal+Z0 ), Vn,ant = 4KTZ0,
Vn,i = 4KTRsw,i (i = 1, 2) and Vn,bal = 4KT.Re(Zbal). This results in an equivalent noise
figure as in Eq. (3.16).
It should be mentioned that Eq. (3.16) only captures the noise of the circulator alone and
does not include the noise of the following BB circuitry. Additionally, the noise equations
are all derived for Zant = Z0, but can be modified to include the effect of varying antenna
impedance. Since we are not working with large ANT variations in this work, we have used
the nominal antenna impedance for simplicity here.
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Figure 3.17: (a) Noise transfer functions based on (3.15) and (b) theoretical NF of the
circulator-receiver in the presence of the balance network.
From these equations, it can be seen that the noise of the left-hand-side switches con-
tributes differently to the noise voltage at the gyrator than the noise from the antenna and
the right-hand-side switches. Assuming that Rsw is relatively small compared to Z0, it can be
seen from Eq. (3.15) that the noise from the left-hand-side switches vanishes at the gyrator
node when there’s no balance network. In the presence of the balance network, the noise
transfer functions from the switches depend on the network’s reflection coefficient. Addition-
ally, Eq. (3.17) shows how the noise from each of the noise sources appears at the ANT port.
The noise of each of the switch resistances contribute equally to the overall noise at the ANT
port and have a similar transfer function as the antenna impedance noise itself. Interestingly,
the noise from the balance network does not appear on the ANT port. Fig. 3.17 shows the
noise transfer functions to the baseband node and the NF calculated above as a function of
the balance network impedance for Rsw = 3.5 Ω (no other post-layout parasitics included).
It should be mentioned that this NF plot is the worst case scenario, assuming that the bal-
ance network is completely resistive. As the balance network impedance becomes smaller,
the noise contribution from the left-hand-side switches and the balance network increases.
For the optimal isolation (Zbal = 50 Ω, as calculated earlier), the NF degrades by about
3 dB. This shows the trade-off between the TX-to-BB isolation and RX NF. Fig. 3.18(a)
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shows NF simulations of the circ.-RX for Zant = 50 Ω with and without the balance network
compensating for post-layout and package parasitics. The overall NF is degraded by around
2.5 dB to 4 dB. Our measured NF is higher due to the additional noise contributions from
the BB amplifiers and the clock circuitry.
Clock phase noise can degrade the NF of the circulator if the clock path is not properly
designed. However a systematic design of the clock path eliminates the effect of phase
noise on passive commutation-based circulators’ performance [100, 136]. Since circulators
are intended to be used in Simultaneous-Transmit-and-Receive (STAR) applications, it is
important to also consider ANT-RX NF in the presence of a powerful TX signal. In such
a scenario, phase noise will produce a reciprocal-mixing-like effect with the TX signal. The
simulated circ.-RX average NF in the presence of a large TX excitation and including the
entire clock path implemented in this work is plotted in Fig. 3.18(b). The circ.-RX NF
degrades by 1 dB for +10 dBm of TX power. While it is clear that such a reciprocal-mixing-
like effect is not severe for the power levels being considered in this work, a theoretical
treatment of this phenomenon, as has recently been done for N-path filters in [137], is an
interesting topic for future research.
3.4.3 Implementation
The block diagram and schematic of the 65 nm CMOS FD circulator-RX is shown in Fig.
3.19.
3.4.3.1 Integrated Circulator
The circulator was designed for tunable operation around 750 MHz in 65 nm CMOS
technology. The 3λ
4
line is miniaturized using three CLC sections implemented with on-chip
MIM capacitors and off-chip air-core 8.9 nH inductors (0806SQ from Coilcraft, QL >100).
N-path filters/passive-mixers has been demonstrated at frequencies up to ∼2 GHz [80] at
65 nm CMOS. The N-path-filter-based circulator can also be designed across this frequency
range. We have designed our prototype for a 750 MHz center frequency and for 20 MHz
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Figure 3.18: (a) Simulated NF of the circulator-receiver with and without the balance net-
work optimized for 40 dB average isolation. (b) Simulated increase in the NF (average across
10 KHz-10 MHz) of the circulator-receiver in the presence of a large TX signal (including
the balance network optimized for 40 dB average isolation). The balance network settings
are similar to those of the simulation results shown in Fig. 3.16.
operating bandwidth considering the trade-off between the complexity of the design of the
clock-path and the size of the passive components. The N-path filter uses 8-paths to increase
the ANT-RX BB recombination gain and achieve harmonic cancellation for the 3rd and 5th
harmonics. The capacitance of each path is 16 pF. Switch resistance for each of the sixteen
transistors is around 3.5 Ω. The sources/drains of switches are biased at 1.2 V and are DC
coupled to the BB amplifiers (which run off a 2.4 V supply as is discussed later). The gates
of the switches are Alternating Current (AC) coupled to the buffers and are biased at 1.35 V
(DC level of a 12.5% pulse swinging from 1.2 V - 2.4 V).
The balance network is designed using a parallel resistive bank (6 bits) and a parallel
capacitive bank (5 bits). More complex balance networks as demonstrated in [117] can be
used to increase the range of balancing that can be performed. An input clock at 4 times
the operating frequency provides eight output phases in a Johnson-counter-based divide-
by-4 block. Clock phase-shifting is performed for one set of switches prior to division using
multiplexed digital delay cells with analog varactor-based fine-tuning to cover a range of−76◦
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Figure 3.19: Block diagram and schematic of the implemented 65 nm CMOS FD circulator-
RX with integrated circulator and balancing impedance.
to 78◦ around the nominal phase setting at 750 MHz based on schematic-level simulations
at the typical corner. Simulations also reveal that in the worst-case (slow-slow corner) the
clock path degrades the NF by about 0.25 dB. The post-layout simulated TX-ANT IIP3 is
more than +30 dBm. The limiting factor in the maximum power that can be handled at
the transmitter port in the circ.-RX structure is the ANT-BB gain/NF compression, which
was shown previously in Fig. 3.18(b) (∼10 dBm), rather than the 1-dB Compression Point
(P1dB) of the TX-ANT path (∼20 dBm). Further improvements in the TX-ANT IIP3 and
power handling can be achieved by taking advantage of Silicon On Insulator (SOI) CMOS
process nodes with higher voltage handling as has been done in [100] using 180 nm SOI
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Figure 3.20: Chip microphotograph of the 65 nm CMOS full-duplex circulator-receiver.
CMOS technology.
3.4.3.2 Integrated Receiver
The baseband circuitry consists of a baseband amplification stage and harmonic recom-
bination circuitry. All the BB circuitry use thick-oxide devices and run off a 2.4 V supply
to increase the power-handling of the circ.-RX. Four differential BB amplifiers are imple-
mented, each using an inverter with large resistive feedback for self biasing and a common
mode feedback circuit. A 5-bit variable resistor is added at the output to control the gain
and BW.
Since the circulator is based on an 8-path filter, the BB signals have to be recombined
to provide differential I/Q outputs. The outputs of the BB amplifiers are connected to the
harmonic-recombination variable-gain Gm cells. The Gm cells are implemented as open-drain
differential pairs with switchable devices for 5-bit variable gain. Note that the variable-gain
control is common for all the Gm cells, and therefore, is not intended for harmonic rejection
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Figure 3.21: The SMD CLC-based ANT matching network used on the PCB to compensate
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Figure 3.22: (a) Circulator TX-to-ANT S-parameter measurements for 750 MHz clock fre-
quency. (b) Measured TX-to-ANT loss at the center frequency as the clock frequency is
tuned. Phase tuning is used at each frequency to ensure minimum loss. The black/red
curves are without/with the SMD-based ANT matching network. (c) Measured IB TX-to-
ANT IIP3.
calibration. The differential outputs of the Gm cells are connected to off-chip baluns for
testing. The I+/- outputs are created by combining the differential 0/180◦ phases with a
weight of 1, 45/225◦ phases with a weight of
√
2/2 and 135/315◦ phases with a weight of
−
√
2/2. Similarly, the Q+/- outputs are generated by assigning a weight of 1 to the 90/270◦
phases, and
√
2/2 weights to 45/225◦ and 135/315◦. This weighting cancels harmonics of
the following orders: 3rd and 5th, 11th and 13th, and so on [80]. Similar to prior work, the
harmonic rejection is limited to the precision of the
√
2/2 implementation and the mismatch
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Figure 3.23: Measured circulator-receiver (a) conversion gain, (b) IIP3, (c) small-signal TX-
to-BB isolation for -40 dBm TX power and (d) NF. The balance network is not engaged in
these measurements.
between the devices. In this work, this scaling factor has been incorporated into the relative
width of the n-channel MOSFET (NMOS) devices in the Gm cells. The overall harmonic
rejection of the circulator-receiver is expected to be more, due to the band-limited nature of
the circulator transmission lines implemented in this work.
3.4.4 Measurement Results
The chip microphotograph of the 65 nm CMOS circulator-receiver is shown in Fig. 3.20.
It has an active area of 0.94 mm2 and is mounted in a 40-pin QFN package. An SMD
CLC-based fixed ANT tuning network as shown in Fig. 3.21 has been incorporated on the
PCB performing a minor transformation (VSWR=1.2) to compensate for QFN parasitics
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and achieve a reasonable nominal TX-to-BB isolation when the balance network is off.
3.4.4.1 Integrated Circulator
The measured two-port TX-to-ANT S-parameters of the circulator for a clock frequency
of 750 MHz are shown in Fig. 3.22(a). Note that the RX is not available as a separate RF
port, and hence the circulator’s ANT-to-RX and TX-to-RX performance cannot be measured
directly using S-parameters. These performance metrics of the circulator are a part of the
circ.-RX measurements reported in the next Subsection. The minimum measured TX-to-
ANT loss is 1.8 dB with only 0.1 dB degradation in a 100 MHz BW around the center
frequency. Both TX and ANT ports are well matched across a 300 MHz BW. Fig. 3.22(b)
shows the TX-to-ANT loss at the center frequency as clock frequency is tuned. For each
clock frequency, phase-shift tuning between the clocks on either side is used to minimize the
losses. At each clock frequency, a search around the default setting (calculated based on
the phase-shift of the t-line sections) is carried out to determine the lowest TX-ANT loss,
while keeping the base-line isolation above 15 dB. The off-chip SMD-based matching network
also improves the frequency range across which the S21 remains below 3 dB by making the
ANT impedance closer to the nominal 50 Ω. Less than 3 dB loss is maintained over 610-
975 MHz by using the off-chip matching network. The measured circulator IB TX-to-ANT
IIP3 is +32.3 dBm as shown in Fig. 3.22(c). This is higher compared to the implementation
in [94] due to the lower Rsw and the higher initial TX-to-RX isolation due to the SMD-based
matching network.
3.4.4.2 Circ.-Rx Measurements without the Balance Network
The circulator-receiver operates over the frequency range of the on-chip integrated cir-
culator, namely, 610-975 MHz, with a measured variable gain of 10-42 dB and a nominal
gain of 28 dB. The RF BW of the circulator varies over 10-32 MHz as the gain is varied
(Fig. 3.23(a)). The measured in-band IIP3 of the circ.-RX is -18.4 dBm at the nominal gain
setting, and the measured out-of-band IIP3 is +15.4 dBm at a 500 MHz offset frequency
CHAPTER 3. APPLICATIONS OF CMOS MAGNETIC-FREE PASSIVE






































Bal. Network Off, Ptx=-40dBm
Bal. Network Optimized for Ptx=-40dBm
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Figure 3.24: (a) Measured small and large signal TX-to-BB isolation after engaging the
balance network. The balance network is reconfigured to maintain isolation for each TX
power level. (b) Measured impact of the balance network on RX NF in the FD mode.
as shown in Fig. 3.23(b). Our measured OOB IIP3 value is similar to that of mixer-first
receivers [80, 120], and can be improved to reach higher values with the use of more stages
of low-pass-filtering through the receiver chain. The measured TX-to-BB isolation referred
to the ANT port is better than 20 dB over more than 50 MHz BW (6.7% fractional BW)
for a -40 dBm TX excitation after optimizing the on-board matching network. A receiver
NF of 6.3 dB is measured, and is comparable to or better than that of mixer-first receivers
used for FD [120, 128] thanks to the relaxed receiver 50 Ω matching requirements and the
effect of noise circulation. It should be emphasized that our reported NF encompasses both
the receiver and an on-chip shared-ANT interface.
3.4.4.3 Circ.-Rx Measurements with the Balance Network
Engaging and optimizing the balance network dramatically improves the isolation for
both small-signal and large-signal TX excitations (Fig. 3.24(a)). The average large-signal
isolation for a TX power of +7 dBm improves to 40 dB over 20 MHz BW. At the optimized
balance network setting, the NF degrades by 1.7 dB to 8 dB (Fig. 3.24(b)). Enabling the
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Figure 3.25: Measured ANT-to-RX-BB gain compression of a weak desired signal with and
without balance network tuning versus varying TX output power level.
balance network also enhances the TX power for 1 dB gain compression of a weak desired
signal from 0 dBm to +8 dBm as shown in Fig. 3.25. Fig. 3.26(b) depicts a two-tone
TX test, tracking the TX main SI and its IM3 distortion at the RX output. We have
also implemented digital SIC in MATLAB after capturing the baseband signals using an
oscilloscope (a 12b quantizer). The digital SIC cancels not only the main SI but also the
IM3 distortion generated from the SI (Fig. 3.26(a)). The total SIC for the main TX tones and
TX IM3 tones are 86 dB and 80 dB at +8 dBm average TX power, respectively. The effective
noise floor after digital SIC is -73 dBm. As mentioned before, providing an additional 20 dB
BB SIC, as shown before in [94], would result in an overall noise floor of -93 dBm and enable
a link range of 100 m at the operation frequency.
3.4.5 Comparison to the State of the Art
Table 3.3 compares this work to prior integrated FD RXs. At the time of publication, this
work had the highest TX power handling and isolation BW and the lowest NF among FD RXs
with an integrated antenna interface. It also provides the benefit of embedding a balancing
impedance to tune TX-to-RX isolation for minor antenna VSWRs. When compared with our
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Figure 3.26: (a) Nonlinear tapped delay line used for digital SIC, and (b) measured two-tone
TX test tracking the SI and its IM3 distortion at the RX BB output with SI suppression
across antenna and digital domains.
prior work in [94], this work has lower power consumption, better NF, higher tuning range,
wider isolation BW, and higher effective IIP3 with respect to the TX port (and hence, higher
TX power handling).
3.4.6 FD Demonstration
To demonstrate the effectiveness of the circulator-receiver architecture, a demonstration
has been carried out in which a powerful modulated transmitted signal is canceled while a
weak continuous-wave desired signal is received from the antenna port.
An Orthogonal Frequency Division Multiplexing (OFDM)-like BB signal is generated at
a sampling rate of 160 MSa/s, and it consists of 10 sub-carriers each with a bandwidth
of 0.4 MHz occupying a total bandwidth of 5 MHz (DC-1 MHz has been omitted due to
implementation limitations related to the high-pass cut-off frequency of the off-chip baseband
baluns). The OFDM-like signal is pulse-shaped with Square-Root Raised Cosine (SRRC)
filter with a roll-off factor of β = 0.22. The total length of the OFDM-like signal is chosen to
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Table 3.3: Performance summary and comparison with state-of-the-art full-duplex receivers.
van den Broek
[128]
Zhang [138] Ramakrishnan [139] Yang [120] Reiskarimian [94] Reiskarimian [96]
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RX Frequency Range 0.15-3.5 GHz 1.7-2.2 GHz 1-2 GHz 0.1-1.5 GHz 0.6-0.8 GHz 0.61-0.975 GHz
Gain 24 dB 20-36 dB 35 dB 53 dB 42 dB
16-42 dB
(Nominal: 28 dB)
Noise Figure 6.3 dB 4 dB
3.8 dB2
(6 dB3)
5-8 dB 8.4 dB 6.3 dB
OOB IIP3 +22.0 dBm N/R +25 dBm +22.5 dBm +19 dBm +15.4 dBm
IB IIP3































Analog BB RF + Analog BB RF Analog BB RF + Analog BB RF
Amount of Integrated
SI Suppression
21 dB SIC across
∼16 MHz BW





300 kHz TX BB BW
42 dB SIC across
12 MHz BW
40 dB SIC across
20 MHz BW
Effective IIP3 with respect
to RX/ANT Input
+21.5 dBm at 24 dB gain
+17 dBm at
30 dB gain
N/A N/A N/A N/A
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23-56 mW 33.5 mW 64 mW
43-56 mW
(incl. TX)
100 mW 72 mW
Antenna
Interface Power





Technology 65 nm CMOS 40 nm CMOS 65 nm CMOS 65 nm CMOS 65 nm CMOS 65 nm CMOS
Active Area 2 mm2 3.5mm2 0.33mm2 2 1.5 mm2 1.4 mm2 0.94 mm2
1. Across VM settings. 2. From S. Ramakrishnan’s PhD thesis. 3. Including cancellation network loss. 4. From Fig. 31(a) in the paper. 5.
Limited by ∼1 dB gain compression induced in the receive signal. 6. at -17.3 dBm TX power. 7. Includes antenna interface. N/A: Not Applicable
N/R: Not Reported
be 50000 samples with an extra 2000 samples to sync the received sequence to the transmitted
signal. Fig. 3.27(a) shows a simulated frequency-domain representation of the generated
pulse-shaped OFDM-like signal used in this demonstration.
Fig. 3.27(b) shows the demonstration setup. The transmitter is built using off-the-shelf
components as follows. An I/Q quadrature modulator (Texas Instruments TRF370417 EVM
module) is followed by a Mini-Circuits ZHL-42 power amplifier. The BB OFDM-like signal
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Residual TX Self-Interference Before Digital SIC
Residual TX Self-Interference After Digital SIC
Residual TX Self-Interference Before Digital SIC
Recovered Desired Signal After Digital SIC
Figure 3.27: (a) Simulated BB frequency domain representation of the generated pulse-
shaped OFDM-like signal used in the FD demo. (b) FD demonstration setup. FD demo
results: a -50 dBm weak desired signal is received while transmitting a 0dBm average-power
OFDM-like signal. Power spectral density and time-domain representation of the RX BB
output before and after digital SIC are shown (c) without the desired ANT signal, and (d)
with the desired ANT signal. The single tone ANT signal is recovered after digital SIC.
is generated in MATLAB, and is fed to an Agilent 33500B Arbitrary Waveform Generator
(AWG), which is connected though a balun to the quadrature modulator. The clocks of
the Radio Frequency Integrated Circuit (RFIC) circulator-receiver and the transmitter are
shared from a signal source running at 4× the frequency of operation (2.8 GHz) to lower the
effects of uncorrelated phase-noise [129–131]. A separate frequency-division module is used
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to divide down the clock to 700 MHz for the transmitter.
First, to verify successful digital SIC of modulated signals, a 0 dBm average-power TX
signal is applied to the TX port and the residual BB leakage is captured on the oscilloscope.
In our digital SIC, nonlinear terms up to seventh order are considered, with a delay spread
length of 45 samples, resulting in 315 total unknown canceler coefficients. An initial portion
of the captured data (about 80 µs) is used to train the canceler coefficients. Fig. 3.27(c,d)
shows the power spectral density at the RX BB output before and after the digital SIC of the
TX leakage. 38 dB digital SIC and about 70 dB overall SIC has been achieved. Additionally,
a -50 dBm weak continuous-wave desired signal at 702 MHz is applied to the ANT port,
and is initially buried under the TX leakage at the RX BB before digital SIC. Once digital
SIC is engaged, the desired signal is recovered, as can be seen in the time-domain and
frequency-domain signal representations shown in Fig. 3.27(d).
3.5 Multi-Antenna Full-Duplex Systems
In this Section, two multi-antenna FD systems are presented. Multiple-antenna phased-
array technologies are drawing attention for 5G systems due to their ability to increase link
range and reject spatial interference through beamforming. Additionally, MIMO technology
can significantly improve the capacity and reliability of wireless networks and is an integral
part of 5G systems. Combining the benefits of FD with multi-antenna technologies is an
important research challenge6.
3.5.1 Full-Duplex Circulator-Receiver Phased-Array
Phased-arrays can substantially enhance range in FD links that are challenged from a TX
power handling and RX noise perspective. However, combining FD operation with phased-
6The works presented in this Section are primarily done by Dr. Mahmood Baraani Dastjerdi, while I have
assisted with applying the circulator-receiver concept to multi-antenna systems, layout, top-chip assembly,
PCB design and measurements.
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Figure 3.28: Full-duplex phased-array transceiver achieving SIC through beamforming by
sacrificing a few spatial DoFs.
array beamforming is a significant challenge because, aside from the SI from each TX to
its own RX, there exists Cross-Talk Self-Interference (CTSI) between every TX-RX pair
(Fig. 3.28).
In the worst case, the SI and CTSI can add up constructively in each RX channel and
increase in power by N2 (the TX array gain), and then add up constructively across RX
channels to increase in power by another N2 (the RX array gain), resulting in a total of
N4 increase in SI levels relative to a single-element transceiver. Therefore, while phased-
array beamforming provides N2 increase in array gain at both the TX and RX, it could also
potentially increase the SI levels by a similar amount, although the actual combined SI level
is dependent on the N ×N SI channel matrix.
Along with this challenge arises a unique opportunity – a phased-array transceiver with N
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antenna elements in general features 2(N − 1) complex Degrees of Freedom (DoFs), (N − 1)
each at the TX and RX, representing the complex-valued (amplitude and phase) weights
applied at each element relative to the first element. These DoFs are typically used to set
the TX/RX beam-pointing directions, as well as the directions of the nulls. However, one can
sacrifice a few beamforming DoFs at the TX and RX so that after TX and RX beamforming,
the total SI is suppressed at the expense of some TX and RX beam characteristics, such as
a few nulls and/or some gain loss in the beam-pointing direction(s).
Combining FD with multi-antenna systems has been considered at the system-level
in [140, 141]. However, (i) jointly optimizing TX and RX beamforming weights to achieve
FD operation with wideband SIC has not been explored. Furthermore, (ii) Our work in [97]
considers a shared TX-RX antenna array for the first time through the implementation of
integrated circulators. Moreover, (iii) this work considers SIC through analog beamforming
for the first time, as well as (iv) a scalable 65 nm CMOS FD phased-array receiver, where
baseband beamforming is eased through the multi-phase outputs available in an N-path-
filter-based circulator-receiver front-end [96].
3.5.1.1 Implementation and Measurement Results
A scalable 65 nm CMOS 730 MHz 4-element circ.-RX phased-array is implemented
(Fig. 3.29). The array uses the N -path-filter-based combined-circulator-RX concept de-
scribed in [96]. The availability of 8-phase baseband nodes in each circ.-RX further sim-
plifies the RX beamforming, as 7-bit programmable gm cells are implemented for each BB
node in each circ.-RX and then combined in the current domain across all 4 elements into
low-input impedance I/Q TIAs (implemented using two-stage op-amps) to enable Cartesian
beamforming. The low input impedance combining point is also brought to pads to facil-
itate scaling across chips. To tile two chips, the TIAs in the second chip would be turned
off, and the current from its gm cells would be combined into the TIAs of the first chip,
with the low impedance providing resiliency to board trace capacitance. The gm cells use
the inverter-based design introduced in [142] where saturation-region p-channel MOSFET
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Figure 3.29: Block/circuit diagram and chip photo of the 65 nm CMOS 730 MHz 8-element
FD circulator-receiver phased-array system employing scalable 4-element ICs.
(PMOS) devices provide both common-mode rejection and feedback. This is particularly
useful here as the gm cell outputs are connected to PCB traces for scaling, making more
elaborate common-mode feedback circuits hard to stabilize.
The circ.-RXs exhibit 1.7 dB TX-ANT loss, +28 dBm TX-ANT IIP3, 41 dB nominal
single-element ANT-BB conversion gain, -31 dBm/+22.5 dBm in-band/out-of-band ANT-
BB IIP3 and 5 dB single-element NF. Array FD measurements are performed with the 2×4
CHAPTER 3. APPLICATIONS OF CMOS MAGNETIC-FREE PASSIVE
CIRCULATORS IN FULL-DUPLEX RECEIVERS 92
rectangular array of slot loop antennas. Two ICs are tiled on PCB to realize an 8-element FD
circ.-RX phased-array, and a custom 8-element phased-array TX PCB is built using discrete
components. The isolation of each circ.-RX is around 15 dB. When the TX and RX arrays
are configured for nominal broadside beamforming, the average array SIC over 16.25 MHz is
23 dB. When the TX and RX arrays are configured to sacrifice beamforming DoFs for SIC
based on the optimization code described earlier while allowing 3 dB TX and RX array gain
loss, 40.7 dB array SIC is achieved over 16.25 MHz. Finally, custom-designed tuners are
integrated with the antennas and co-optimizing the tuners (configured identically across all
elements) yields 50 dB array SIC over 16.25 MHz. The RX and TX array gains are measured
across frequency for broadside excitation with these beamforming weights optimized for SIC,
and the 3 dB array gain loss is verified.
With the beamforming and SIC thus configured, and the TX array power swept, the gain
imparted to a weak in-band signal radiated towards the array is monitored. 1 dB compression
of the weak in-band signal occurs at +16.5 dBm, which can be inferred as the TX array power
handling. Finally, two-tone TX tests are performed with beamforming and SIC configured,
and the RX BB outputs are monitored. The effective IIP3 referred to the TX array power
is +17.5 dBm, and at +16.7 dBm average TX array power, nonlinear Volterra-series-based
digital SIC is able to suppress the residual total SI and its associated IM3 to below -84 dBm,
indicating 100 dB total array SIC. Another 19 dB of SIC is required to suppress the SI to
the array noise floor, and can be potentially achieved with additional analog SIC.
3.5.2 Full-Duplex MIMO
While we have recently demonstrated the feasibility of combining FD with beamforming
in an integrated radio [97], combining FD with MIMO is fundamentally challenging because
of CTSI between every pair of antennas, causing the canceler complexity to grow as O(N2).
While there has been work at the system level to investigate these challenges [143], CMOS in-
tegrated implementations impose unique challenges and constraints. In [98,99] we presented
a 2×2 MIMO FD receiver array with integrated N-path-filter-based non-magnetic circulators
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Figure 3.30: Measured full-duplex phased-array performance across 8-elements (tiling of two
ICs): (a) array SIC, (b) impact of optimized weights to achieve SIC on the TX/RX array
gain, (c) gain compression of a small received signal under the influence of TX power with
optimized weights with and without the antenna tuner, and (d) two-tone TX test tracking
the TX total SI and its IM3 products at the receiver output with additional digital SIC.
that (i) exploits bootstrapping in the circulator N-path filters to enhance TX power handling
by 8 dB, and (ii) features area- and power efficient passive RF and active baseband wideband
MIMO cancellation with shared delay elements to address the O(N2) cancellation challenge
in the presence of a changing electromagnetic environment. We have demonstrated a 2×2 FD
MIMO RX achieving (i) up to 35/45 dB average SIC across 40/20 MHz BW, (ii) more than
42 dB/53 dB average cross-talk SIC across 40/20 MHz BW with <2.1 dB degradation in RX
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Figure 3.31: FD MIMO architecture with RF passive self-interference cancellation, cross-talk
SIC, and shared-delay baseband cancellation. Clock bootstrapping is embedded to enable a
higher TX power handling.
NF, and (iii) and overall TX power handling of +14 dBm enabled by clock bootstrapping.
The proposed FD MIMO approach is extended to a scalable 65 nm CMOS 2.2 GHz 2×2-
element circ.-RX MIMO array. The array uses the N-path-filter-based combined-circulator-
RX concept described previously. The transmission lines are implemented using lumped
CLC sections that employ on-chip MIM capacitors and wirebond inductance (Fig. 3.31).
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Each of the feed capacitors for the vector-modulator RF SI cancellers is implemented using
6 bits of control (∼0 to 550 fF). Two differential capacitor banks (6-bits) are added to the TX
and ANT ports to compensate for package parasitics, and to further improve the antenna
VSWR coverage. As mentioned earlier, bootstrapping circuitry is employed to enhance power
handling [144], and the BB voltages are level shifted and added to the gate control voltage
only during the clock ON-period. Each TX signal is coupled through a small capacitor
to a 4-path passive mixer to downconvert the TX signal for BB cancellation. Delay cells
are implemented with 4 taps using a topology similar to [138] but with a complementary
implementation to enhance the maximum voltage swing at the output, resulting in less noise
contribution from the BB canceller and less power consumption in the gm cells. The delay
cells are shared between the SI and CTSI cancellation paths, and each tap includes 3 bits
of capacitance control and 2 bits of gain control to compensate for parasitic losses. The
delay taps are designed to cumulatively provide as high as 120 ns of delay over 10 MHz of
bandwidth. The 8-bit programmable vector modulator gm cells tap from the delay cells to
inject current into both RX elements. Each element also includes two additional weighted BB
I/Q outputs to be used when tiling two ICs on PCB for future 4×4 MIMO implementations.
The cancellation signals from all two/four elements are summed up in the current domain
and injected at the input of the BB TIA.
Based on our measurements, the wirebond inductance in the circulator is around 5 nH,
and our simulations show that 10% variation in wirebond inductance introduces only 0.15 dB
additional TX-ANT loss. The circ.-RXs exhibit 3.5 dB TX-ANT loss and +34 dBm TX-
ANT IIP3 without the bootstrapping circuitry. When bootstrapping is engaged, the TX-
ANT IIP3 is boosted to +44 dBm. The nominal RX conversion gain is 30 dB, and the
RX NF is 9.5 dB. The high NF is primarily a function of the high operating frequency for
N-path-like circuits in 65 nm CMOS as the cumulative parasitic capacitance on the RF side
of the N-path filter introduces substantial loss due to harmonic conversion. The use of a
scaled CMOS technology would substantially lower the NF. Exploiting the vector-modulator
RF SI cancelers allows complete coverage of ANT VSWR<2 and partial coverage of ANT
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VSWR<3. Additionally, by jointly optimizing both the feed-capacitors and the shared-delay
BB canceler, a total SIC of 35/45 dB has been achieved across 40/20 MHz BW with an NF
penalty of less than 1.7 dB. Under cancellation, without bootstrapping, TX-induced 1 dB
RX compression happens at +7 dBm, and this is boosted to +14 dBm when bootstrapping
is engaged. Therefore, +14 dBm represents the TX power handling of the system. In 2×2-
element FD MIMO configuration, by using the RF passive CTSI canceler, up to -18.5 dB
of cross-antenna coupling with arbitrary phase across the complex plane can be canceled.
By engaging both the RF and BB cancelers in conjunction with a slot-loop antenna pair,
more than 42/53 dB CTSI suppression across 40/20 MHz has been achieved. Thanks to the
shared-delay architecture, only 4 delay cells per element are needed and consume 23 mW,
while the cancellation gm-cells per element only consume 2 mW. The overall area of the IC
excluding the pads is 2.15×2.6 mm2. The associated overall NF degradation is less than
2.1 dB per element.
3.6 Conclusion
In this Chapter, we have demonstrated a magnetic-free nonreciprocal N-path-filter-based
circulator-receiver architecture for full-duplex wireless. Additionally, our circ.-RX design
is embedded in multi-antenna full-duplex systems to demonstrate integrated full-duplex
phased-array and full-duplex MIMO systems. Future research directions include further
improvements of the circulator’s linearity performance by using SOI technology, adaptive
algorithms that can optimize the SIC across the various domains (e.g. array DoFs, RF, BB
and digital) and scaling to more number of array/MIMO elements.
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Chapter 4
Inductor-less Nonreciprocity Based on
Harmonic Engineering
4.1 Introduction
In Chapter 2, a new methodology to break reciprocity was introduced by performing
spatio-temporal modulation of conductivity through staggered commutation in LPTV sys-
tems [62]. As discussed before, staggered commutation breaks reciprocity in deep sub-
wavelength scale to enable LPTV gyrators with nonreciprocal phase response. Additionally,
in order to build more complex nonreciprocal components such as circulators and isolators,
the LPTV gyrator is combined with passive microwave components that provide a reciprocal
phase-shift (e.g., transmission lines, hybrid couplers, LC resonators, etc.). Relying on gyra-
tors based on switched-capacitor N-path filters [94,145] or switched transmission lines [100],
a fundamental limitation of all these implementations is the usage of quarter-wave transmis-
sion lines or hybrids around the gyrator, which limit the tuning range. Furthermore, these
passive components require the integration of large inductors which limit the chip area.
The size and tuning range restrictions are not unique to our approach and can be seen
in a wide range of nonreciprocal components regardless of their implementation technique.
Fundamentally, this is due to the limits of equal electrical and magnetic energy storage
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Table 4.1: A survey of state-of-the-art nonreciprocal components in terms of operation fre-
































PCB 0.9GHz 23MHz ∼ λ2/3, 000
in such devices. Table 4.1 shows a comparison of various approaches to break reciprocity
at RF in terms of their operation frequency, bandwidth and size. While magnetic-free
approaches [100,146–148] are successful at shrinking the size of the nonreciprocal deivces by
more than an order of magnitude compared to the traditional ferrite devices, their relative
size are still much larger than the active circuits that precedes or follows them due to the
significant number of passives required in their architectures. Additionally, to enable a
wide tuning range, wide-band delay elements are required, achievable by using distributed
transmission lines, further increasing their form factor.
In this Chapter, we introduce a new class of magnetic-free inductorless widely tunable
nonreciprocal components that can provide large tuning range in an infinitesimal form fac-
tor [81–83]. In the following Subsections, we will discuss an intuitive understanding of the













































































































































Figure 4.1: The evolution of the 3-port inductor-less LPTV circulator. (a) The original
Tellegen’s LTI gyrator [13] and (b) Shekel’s circulator employing a 3-port gyrator [149]. (c)
A 2-port LPTV N-path-filter-based gyrator [62] and (d) its potential transformation to a
3-port inductor-less circulator.
fundamental concept behind the inductorless components and demonstrate various imple-
mentations of nonreciprocal circulators and isolators1.
1The work presented in this chapter has been done in close collaboration with Mohammad Khorshidian.














































































































Figure 4.2: Circuit diagram to explain the harmonic engineering concept in the two-port
LPTV N-path gyrator to realize an LPTV Shekel circulator.
4.2 LPTV Shekel Circulators
4.2.1 Harmonic Engineering Concept
The simplest circulator topology was proposed by Shekel in [149], and only consists of one
gyrator, in which the reference nodes of the two ports of the gyrator are connected together
to form a separate third port as shown in Fig. 4.1.
In this Section, we realize Shekel’s vision in silicon for the first time to demonstrate two






































































Figure 4.3: Intuitive explanation of harmonic engineering to achieve transmission from port


































































Figure 4.4: Intuitive explanation of harmonic engineering to achieve transmission from port
3 to port 2.
N-path circulator prototypes that (i) can be reconfigured across a wide bandwidth by chang-
ing the clock frequency, thus preserving the tunability of N-path structures, (ii) completely
eliminates the need for inductors and hence miniaturizes the circulator to infinitesimal di-
mensions, and (iii) reduces the clock complexity compared to prior architectures, lowering
the power consumption.
As discussed in the Chapter 2, we have previously pioneered a new class of magnetic-free
CMOS N-path-filter-based LPTV gyrators based on staggered commutation [94, 100, 145].
However, Shekel’s architecture is only applicable to LTI gyrators, and hence, here we have




















































Phase shift through the upper path: φ
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Phase shift through the lower path: φ2+Δφ φ1=φ2+Δφ+180











Figure 4.5: Intuitive explanation of harmonic engineering to achieve isolation from port 1 to
port 2.
developed novel harmonic engineering techniques that enable Shekel’s architecture to be
applied to the LPTV N-path gyrator.
Due to its LPTV nature, the introduction of a third port at the reference terminals of the
N-path-based gyrator does not seamlessly translate the circuit response to that of a circulator.
This can be intuitively understood as follows: in the original N-path-based gyrator, no two
capacitors interact with each other in any manner. When the third port resistor is introduced,
at any instant, two capacitors are simultaneously connected to the resistor at any time
(assuming that there is a non-zero phase-shift between the clocks to enable nonreciprocity),
allowing a charge-sharing between the paths. The circuit can be further understood by
considering the currents flowing through various branches in the frequency domain as shown
in Fig. 4.2.
Modeling the switches by a time-varying conductance (Gsw = ∞ in the ON-period and
Gsw=0 in the OFF-period), the input voltage at port 1 creates a current in each switch
(Isw1i) with frequency content created by various harmonics of the clock: fin, fclk ± fin,
2fclk ± fin, etc. Part of this frequency-converted current passes through the second switch,
re-mixing back with the phase-shifted clock, while the rest passes through the capacitors.
Finally, currents through the capacitors of the various paths sum up at the third port and
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create a voltage. Note that, similar to conventional N-path structures, this voltage can only
have harmonics at around kNfclk ± fin due to summation and cancellation across a poly-
phase structure. The transfer functions from port 1 to ports 2 and 3 are dependent on the
phase shift between the switches (∆φ), the difference between fin and fclk, and the RC time
constant.
Based on this picture, we introduce a harmonic engineering technique that enables the
design of Shekel LPTV circulators. The original LPTV N-path gyrator relies only on the
mixing of the input frequency with the fundamental harmonic of the clock signal to create
the near-DC frequency content that is stored on the large baseband capacitors, which in
turn mixes with the phase-shifted clocks on the output side to impart a nonreciprocal phase
response to the output.
Here, in our proposed circulator, we take advantage of mixing not only with the funda-
mental harmonic, but also with other content; specifically, the DC component of the clocks.
Figs. 4.3-4.5 show an intuitive explanation of the operation of the LPTV Shekel circulator.
As mentioned earlier, part of the switch currents (Isw1i) pass through the capacitors to sum
up at port 3, at which time the components at fin coming from the DC component of the
clocks add constructively, while the components at fclk − fin cancel. The voltage created at
port 3 can be maximized by proper choice of ∆φ, fin/fclk, and the RC time constant (Fig.
4.3).
On the other hand, from port 1 to port 2, two parallel signal flows exist as shown in
Fig. 4.4 – a reciprocal flow through mixing with the DC components of the clocks (since
DC components contain no phase shift), and another nonreciprocal flow through the act of
down-conversion and up-conversion. Based on the value of ∆φ, fin/fclk and the RC time
constant, these two contributions can add destructively to create isolation from port 1 to
port 2. The same argument can be extended to an excitation at any of the other two ports.
Therefore, this structure can indeed act as a circulator if properly designed.
Figs. 4.3-4.6 show all the S-parameters of this structure as a function of fin and ∆φ for
C=1.8 pF, fclk=1 GHz and 8-paths. It can be seen that low loss (1.3 dB) and wide isolation
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Variation of S-Parameters of the Shekel LPTV Circulator Across Δφ and Frequency 
Forward Transmission (TX-ANT)
Reverse Isolation (TX-RX) Forward Transmission (ANT-RX)
Figure 4.6: Simulated S-parameters of the Shekel circulator as a function of fin and ∆φ for
C=1.8 pF, fclk=1 GHz and 8-paths.
BW (26%) can be achieved at fin=0.775 GHz for ∆φ = 2π/5. Note that simultaneous
optimization of loss and isolation happens at an offset frequency from the clock frequency.
This offset frequency becomes smaller for larger capacitor values. This offset frequency
offers the advantage of mitigating LO leakage, and can be incorporated within the existing
transceiver signal generation through careful frequency planning.


























































































Clock Phase Shift (°)
(a) (b)
(c) (d)
Figure 4.7: Simulated (a) center frequency and (b) notch depth of the Shekel circulator as a
function of capacitance value (for a fixed ∆φ = 90◦). Simulated (c) center frequency and (d)
notch depth of the Shekel circulator as a function of ∆φ (for a fixed BB capacitance value
of 10pF). An 8-path structure and a fclk=1 GHz is used in all simulations.
4.2.2 Shekel LPTV Circulator Implementations
In the Shekel circulator structure, it can be shown that for any capacitor vlau C exists
an optimum clock phase shift ∆φ that can maximize the notch depth at an offset frequency
from fclk while maintaining low loss. Similarly, for a given ∆φ, a nominal C value can be
find to optimize the performance in terms of notch depth (Fig. 4.7).
Based on the intuition provided previously, two inductor-less widely-tunable LPTV Shekel
circulators are designed in a 65 nm CMOS technology. Figs. 4.8 and 4.9 show the block
diagram and chip photo of the imlemented CMOS ICs. One operates in the large-RC-regime














































































Active area: 360um × 490um






Figure 4.8: Block and circuit diagram of the proposed widely-tunable inductor-less N-path
Shekel circulators. Top: Large-RC-regime and Bottom: Low-RC-regime.
with C=17.5 pF, Rsw = 2.4 Ω, 4 paths and ∆φ = 90◦ (non-overlapping clocks), simpli-
fying clock generation. This prototype has an active area of 0.176 mm2, or equivalently
λ2/2, 000, 000 at 500 MHz.
Fixing the capacitance value and clock phase-shift removes them as degrees of freedom
to simultaneously optimize loss and isolation. However, since any circulator is limited in its
CHAPTER 4. INDUCTOR-LESS NONRECIPROCITY BASED ON HARMONIC
ENGINEERING 107
Figure 4.9: Chip micro-photographs of the two implemented Shekel circulators. Top: Large-
RC-regime and Bottom: Low-RC-regime.
isolation by the matching at the 3rd port, a 3-bit (0.2-1 pF) capacitor bank at the third port
has been implemented which improves the port matching while maintaining the isolation
across the tuning range.
The second circulator operates in the low-RC-regime with C=1.5 pF, Rsw = 6 Ω, 8-paths
and a variable ∆φ across the tuning range, achieved through an LO path phase-shifter. This
prototype has an active area of 0.167 mm2 (the active area of the circulator core is only
0.015 mm2), or equivalently λ2/1, 500, 000 at 600 MHz.





























































































Matched across 150MHz BW
(b)
Figure 4.11: Measured large-RC-regime circulator S-parameters demonstrating low-loss and
wide-bandwidth. (a) S-parameters magnitude for S21, S32 and S31.
4.2.3 Measured Results - Large-RC-Regime
Measurement results reveal that the large-RC circulator operates across a decade of
frequency from 110 MHz - 1.1 GHz as shown in Fig. 4.10, with a loss range of 2.4-3.4 dB



































































Figure 4.13: Measured (a) noise and (b) linearity performance of the large-RC-regime circu-
lator across the tuning range.
at the center frequency. Fig. 4.11 shows the S-parameters for an operation frequency of
500 MHz. 2.4 dB loss, better than 10 dB matching across 150 MHz BW and a 20 dB
isolation BW of 30 MHz (6%) is achieved at this frequency. Fig. 4.12 depicts the group
delay of the circulator in the transmission S21, S32 and isolation S31 directions. As can
be seen in this Figure, the circulator exhibits a flat group delay across the transmission
directions. In the isolation direction, the group delay is frequency-dependent, with about
2.5 ns of variations.
















































































































Matched across 500MHz BW
(b)
Figure 4.15: Measured low-RC-regime circulator S-parameters demonstrating low-loss and
wide-bandwidth. (a) S-parameters magnitude for S21, S32 and S31.
The ratio between the operation frequency and clock frequency is around 0.75-0.95 across
the tuning bandwidth. The isolation is better than 25 dB across the band. The circulator
dissipates only 9.6 mW power at 500 MHz. The measured noise figure varies from 2.6-4.2 dB
as shown in Fig. 4.13. In-band P1dB and IIP3 are measured to be +0.8 to +3.4 dBm/
+2.2 to +5.1 dBm and +12.5 to +15.9 dBm/ +14.2 to +17.2 dBm in the two transmission
directions, respectively (Fig. 4.13).



























































Figure 4.17: Measurement (solid) and post-layout simulation (dashed) results of the low-
RC-regime circulator for a operation frequency of 750 MHz.
4.2.4 Measured Results - Low-RC-Regime
The low-RC circulator operates across 280 MHz-1.15 GHz with 2.2-3.2 dB loss as shown
in Fig. 4.14. The operation to clock frequency ratio ranges from 0.6-0.8. Fig. 4.15 shows the
S-parameters for an operation frequency of 620 MHz. 2.2 dB loss, better than 10 dB match-
ing across 500 MHz BW and a 20 dB isolation BW of 233 MHz (38%) is achieved at this
frequency. The isolation is as high as ∼40 dB. Fig. 4.16 depicts the group delay of the circu-


































Figure 4.18: Measured (a) noise and (b) linearity performance of the low-RC-regime circu-
lator across the tuning range.
lator in the transmission S21, S32 and isolation S31 directions. As can be seen in this Figure,
the circulator exhibits a flat group delay across the transmission directions similar to the
previous implementation. In the isolation direction, the group delay is frequency-dependent
and negative, with about 1.5 ns of variations. Measurements are in close agreement with
post-layout simulations as shown Fig. 4.17.
The chip consumes 36 mW of power. Measurements reveal 2.6-4.5 dB of NF across the
band. The P1dB ranges from +1-+3.2 dB and +2.1-+4.6 dBm in the two transmission
directions, while IIP3 ranges from +13.2 to +16.8 dBm, and +14.5 to +17.1 dBm (Fig.
4.18).
4.2.5 Summary and Comparison Table
When compared with prior integrated RF CMOS circulators (Table 4.2), this work
achieves significantly smaller footprint ( 150× smaller than prior works [62]), higher tuning
range, and higher instantaneous BW, while maintaining loss and NF. The power handling
is consistent with N-path filters that feature switches in the signal path, and can be en-
hanced using clock bootstrapping, stacked SOI CMOS switches and/or Gallium Arsenide
(GaAs)/Gallium Nitride (GaN) technologies.








































































































































































































































































































































































































































































































































































































































































































































































































































































































































































































































































































CHAPTER 4. INDUCTOR-LESS NONRECIPROCITY BASED ON HARMONIC
ENGINEERING 114


































































































Figure 4.19: Block and circuit diagram of the proposed nonreciprocal inductor-less widely
tunable isolator.
4.3 LPTV Inductor-less Isolators
In the previous Section, we demonstrated the concept of harmonic engineering and im-
plemented two passive magnetic-free inductor-less circulator prototypes as proofs of concept.
In this section, we discuss how we can built inductorless isolators using the harmonic engi-
neering concept.
4.3.1 RF Widely-Tunable Inductor-less Isolator
Similar to the LTI Shekel’s circulator architecture introduced previously, the simplest
LTI isolator topology consists of an LTI gyrator with a 50 Ω impedance at its joint reference
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Figure 4.20: Chip micro-photograph of the low-loss N-path isolator.
node [149]. Furthermore, as seen before, this LTI structure cannot directly be translated to
LPTV systems. However, we have observed that a two-port RF widely-tunable inductor-less
isolator can be built by placing a properly chosen capacitive impedance at the joint refer-
ence node of the two ports of the LPTV gyrator. We have intuitively shown in [82] that the
addition of this extra capacitor at the common node creates a negative non-reciprocal trans-
resistance that when combined with the two port gyrator structure can create a nonreciprocal
isolator. Readers are encouraged to refer to [82] for additional details. Furthermore, addi-
tional information is provided in Appendix E on the analysis of a simplified implementation
of the isolator.
Fig. 4.19 shows the block diagrams of the proposed inductor-less, widely-tunable RF
isolator. The clock generation circuit is identical to that of an 8-path filter, but with 25%
duty cycle. The capacitor placed at the reference node is designed to have 5-bits of control
and can vary from 0.5-8 pF (considering its parasitics).
The isolator prototype is implemented in 65 nm CMOS technology. Fig. 4.20 shows
the chip photo of the isolator with an active area of 0.25 mm2. The RF isolator achieves
>50 dB isolation with low losses of 1.1-2 dB over 0.2-1 GHz as shown in Fig. 4.21. NF
















































Center Frequency Tuning S-Parameters
20dB BW = 33MHz
Loss = 1.5dB (no degradation across BW)




































Figure 4.22: Measured noise and linearity performance of the nonreciprocal inductor-less
widely tunable isolator.
ranges from 1.5-2.5 dB, P1dB varies from +5 to +7 dBm, and IIP3 ranges from +19 to
+22 dBm over the tuning range (Fig. 4.22). The RF isolator has the smallest size, lowest
loss, widest tunability and highest isolation among the state-of-the-art isolators including
GaN and PCB-based prototypes (Table 4.3).
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Technology 65nm CMOS PCB-Based PCB-Based 65nm CMOS 0.1um GaN
Frequency
Range (GHz)















9.6-24 N/A 15 9.6-12.9 5.4*
Loss, |S12| (dB) 1.1 to 2 2.1 1.03 5.6 1 to 4
Max Rejection, S21 (dB) >50 >30 36.2 46.5 >25
20dB Rejection BW 33MHz at 500MHz 70MHz 13MHz 1.5GHz at 110GHz 1.8GHz at 1.6GHz
NF (dB) 1.5-2.5 N/R 21.2 4.53** N/R








*. LO path not integrated on chip. **. Simulation result.
N/A: Not Applicable N/R: Not Reported
4.3.2 Inductor-less Wideband Isolator
A differential structure as shown in Fig. 4.25 extends the nonreciprocal behavior seen in
the RF isolator down to DC in a similar fashion (through the interference between the 0th
and the −1st harmonic interfering constructively and destructively in the two directions).
The commutated network consists of N paths connected in parallel, each having four
switches (S1-S4) connected to a shared capacitor. Each switch is driven with a 25% duty
cycle clock. S1 and S3 (similarly S2 and S4) have 180◦ of phase-shift between them. The
clocks driving the right-hand side have an additional reconfigurable phase-shift with respect
to the left-hand side switches.



















Figure 4.23: A commutated four-path differential structure. The switches in each side are
driven with non-overlapping clocks each having a duty cycle of DTs = Ts/4. S1 and S3
have a constant 180◦ phase shift between them. The clocks on either side have a relative
phase-shift τD.
(a) (b)
Figure 4.24: Simulated results of (a) S21 and (b) S12 of the wideband isolator structure for
C=2.5 pF, clock frequency = 0.9 GHz. Perfect isolation can be seen under proper selection
of frequency and phase-shift settings.
As can be seen in Fig. 4.24, there exist optimal phase-shift settings that create giant
nonreciprocity in the device across a large bandwidth.
A wideband isolator has been implemented in a 65 nm CMOS technology. The block
diagram and chip photo of the implemented IC are shown in Figs. 4.25-4.26. The wideband



















































































Figure 4.25: Block and circuit diagram of the proposed nonreciprocal inductor-less wideband
isolator.
Figure 4.26: Chip microphotograph of the proposed nonreciprocal inductor-less wideband
isolator.
isolator is designed to operate from DC up to 200 MHz and is driven by 900 MHz clocks.
The switches have a switch resistance of 2.6 Ω and the capacitor value is 2.5 pF. The overall
size of the implemented isolator is 320 µm by 120 µm or equivalently, λ/9400 by λ/25000 at
a frequency of 100 MHz.
Post layout simulation and measured results of the fabricated wideband isolator with






























-4.6dB including two D/S baluns 
200MHz
Figure 4.27: Measurement (solid) and post-layout simulation (dashed) results of the fabri-
cated inductor-less wideband isolator including the differential to single-ended baluns.
two differential to single-ended MiniCircuits TCM2-43X+ baluns are shown in Fig. 4.27.
As can be seen more than 20 dB reverse isolation across 200 MHz bandwidth is achieved.
The measured loss, including the losses of the baluns is 4.6 dB (the de-embedded loss of the
wideband isolator is ∼1.7 dB).
4.4 Conclusion
Breaking reciprocity through spatio-temporal modulation of material properties has at-
tracted a lot of interest in recent years, aiming to replace the Faraday rotation-based nonre-
ciprocal devices. However, most prior implementations (beyond simple gyrators) have been
bound to the limits of equal storage of electric and magnetic energy, hence requiring passive
microwave components of a size comparable to the wavelength to enable nonreciprocal wave
propagation. In this Chapter, we have reported a family of widely tunable inductor-less
nonreciprocal components with very low loss and high isolation by exploiting a new region
of operation in staggered switched networks featuring quasi-electrostatic wave propagation.
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Figure 4.28: Comparison of recent nonreciprocal components in terms of tuning BW and
form factor.
Fig. 4.28 depicts a comparison of recent nonreciprocal components in terms of tuning BW
and form factor. Most prior work can be categorized into two groups: resonator-based and
delay-based. Resonator-based nonreciprocal components rely on the narrow-band nature of
passive components like resonators or artificial transmission line, whereas delay-based struc-
tures use wideband passives such as distributed transmission lines. This work achieves more
than 100× smaller footprint while being able to cover the same range of tuning BWs as the
delay-based components2.
2It should be mentioned that our approach cannot provide instantaneous BWs as high as the delay-based
structure.




Reciprocity governs the wave propagation behavior in the majority of electronic circuits,
and components, imposing restrictions on how they operate. Broadly speaking, reciprocity
requires that signals travel in the same manner in forward and reverse directions. On the
other hand, components that violate reciprocity, such as gyrators, isolators, circulators, and
non-reciprocal phase-shifters find widespread use in many different electronic applications,
including high-power transmitters for communications, STAR radar, FD wireless radios, and
emerging quantum computing implementations, among others. In Chapter 1, a review of the
rich history of research on breaking reciprocity and implementing non-reciprocal components
is provided.
The Lorentz reciprocity theorem for electromagnetism requires that any linear and time-
invariant medium with symmetric permittivity and permeability tensors be reciprocal. Tra-
ditional gyrator implementations rely on the Faraday effect in magnetic material to break
reciprocity. Magnetic nonreciprocal components tend to be bulky and expensive devices and
their deployment is restricted to applications that are free of stringent size, weight and cost
requirements. The ability to implement non-magnetic nonreciprocal components has the
potential to revolutionize the above-mentioned applications, provided the implementations
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can meet their stringent performance requirements.
Non-magnetic nonreciprocal components are categorized into three distinct groups based
on the approach used to break reciprocity. These three approaches are based on: (I) active
voltage-/current-biased transistors, (II) exploitation of nonlinearity in spatially asymmetric
media and (III) spatio-temporal modulation of material properties. Recent research ef-
forts based on spatial modulation of permittivity, permeability and conductivity have shown
tremendous potential for a variety of applications, since they can enable linear, high perfor-
mance nonreciprocal behavior in small footprints.
We have demonstrated the concept of spatio-temporal conductivity modulation to violate
reciprocity for the first time in this dissertation. It is shown in Chapter 2 that imparting a
phase-shift between two switches on either side of an effective delay element breaks reciprocity
in a sub-wavelength scale and enables a phase-nonreciprocal gyrator. One of the main
features of CMOS technology is the availability of high-quality transistor switches which
can be turned ON and OFF, modulating the current flow (effectively the conductance of
the medium). Since conductivity in semiconductors can be modulated across a wide range
(CMOS transistor ON/OFF conductance ratio can be as high as 103 − 105),the gyrator can
break reciprocity within a deeply sub-wavelength form-factor with very low loss and high
linearity. Finally, the non-magnetic gyrator was used to realize the first CMOS passive
non-magnetic circulator.
Furthermore, integrated non-reciprocal components offer an exciting opportunity for co-
design with the rest of the electronic system. In Chapter 3, a CMOS circulator-receiver
architecture was demonstrated based on the insight that each set of switches in the gyrator
implements a mixer, thus enabling the baseband voltages to be directly accessible within
the gyrator structure. We have further scaled this concept to array implementations for FD
multi-antenna systems, including phased-array circulator-receiver arrays and MIMO arrays.
The critical bottleneck for further improvement in the size, cost and performance of
the spatio-temporal-based nonreciprocal components, particularly for CMOS IC implemen-
tations, is the integration of large on-chip passive components with poor quality factors.
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In Chapter 4, a novel class of inductor-less non-magnetic nonreciprocal components have
been demonstrated that achieve competitive performance (low loss and widely tunable) in
an infinitesimal form-factor.
5.2 Future Directions
5.2.1 Enhancing the Linearity of Magnetic-Free Nonreciprocal Com-
ponents
III-V/III-N compound semiconductor technologies (e.g. GaAs, GaN) exhibit superior
speed-breakdown voltage trade-off compared to CMOS, and also integrate high-quality pas-
sives due to the insulating nature of the substrate and the use of gold metallization, but lack
the high transistor density and yield offered by CMOS. Hence, heterogeneous integration of
GaAs/GaN with CMOS, whereby the signal path comprising the switches and the passive
components are integrated in GaAs/GaN, and CMOS technology is used for the generation
of the complex modulation signals, represents a promising direction [153].
5.2.2 Co-Design of Magnetic-Free Circulators along With Trans-
mitters and Antennas
As shown in Chapter 2, the integrated passive magnetic-free circulators based on conductivity-
modulation approaches can be co-designed with a radio receiver to enable the implementation
of low-cost, small-form-factor, integrated shared-antenna interfaces with low loss, low noise,
high TX-RX isolation, and large TX power handling. Another avenue for circuit innovations
can be to simultaneously design the magnetic-free circulator along with the transmitter
and/or the antenna. Improvements in circulator linearity such as those achieved in [100]
combined with high power CMOS Power Amplifiers (PAs) can improve the efficiency of
the overall transceiver, while minimizing the overall area, cost, and power consumption.
Non-reciprocal antennas that may transmit/receive but not receive/transmit, or do so from
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different ports, or transmit and receive with different beam patterns also represent an in-
teresting research direction. Initial explorations include temporal modulation in leaky-wave
antennas [154]. In particular, where a time-modulated leaky-wave antenna system effectively
merging an antenna, a circulator, and a mixer was proposed, enabling the device to operate
as a complete transceiver.
5.2.3 Other Applications of Magnetic-Free Circulators
The magnetic-free passive circulators described in this dissertation have been designed
and optimized for wireless communication applications, where the linearity is an important
metric specifically for TX-side excitations. Other applications of nonreciprocal devices such
as in biomedical and quantum signal processing, impose different design requirements which
can lead to new challenges in the design of the magnetic-free components. Recently, an
implementation of a magnetic-free circulator based on conductivity modulation has been
demonstrated in [65] for quantum applications, showcasing the important metrics for such
devices in cryogenic temperatures.
As mentioned in Chapter 1 nonreciprocal devices have long been used in biomedical radar
and imaging systems [38,84–87]. However, most of the systems demonstrated to date either
use magnetic circulators or quasi-circulators. As the spatio-temporal modulation techniques
to achieve nonreciprocity mature, it would be of interest to see how they can contribute to
the next generation of biomedical systems and devices.
5.2.4 Topological Metamaterials Using Spatio-Temporal Modula-
tion of Conductivity
Inspired by the exciting discoveries of condensed matter systems exhibiting topologi-
cal order [155], there has been significant recent interest in demonstrating analogous sys-
tems for classical waves through the engineering of topological order within acoustic [108]
and photonic/electromagnetic metamaterials. However, to date, demonstrations of photonic
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and electromagnetic topological metamaterials with non-reciprocal responses have relied on
magneto-optic effects [156]. Integrated-circuit temporally-modulated non-reciprocal compo-
nents, such as the ones introduced in this dissertation, can serve as an ideal building block
for the realization of electromagnetic topological metamaterials due to the robustness and
repeatability of IC fabrication processes. Such topological metamaterials will not only of-
fer new opportunities to probe the exciting physics of topological order, but may also find
application as highly-reconfigurable, robust, non-reciprocal signal routing fabrics.
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Appendix A
Synthesizing Higher Order N-Path
Filters
A.1 Revival of N-Path Filters
The N-path filter is a commutated network, essentially a class of LPTV networks where
the signal is periodically commutated through a bank of LTI networks. The first commu-
tated networks relied on mechanical commutation through a rotating brush that periodically
contacted a bank of capacitors to realize narrow comb filters around harmonics of the commu-
tation frequency [157]. More recently, electronic commutation using passive transistor-based
switches has resulted in high-Q comb filters, commonly called N-path filters, which operate
at RF, exhibit significantly lower noise and higher linearity when compared with active RF
filters, are compatible and scale well with CMOS IC technology, and exhibit the potential to
replace the traditional front-end off-chip SAW filters that are widely used in communication
applications. Aside from the high-Q, low noise and high linearity, the center frequency of the
filter is defined by the commutation clock frequency, implying that the filter can be widely
tuned over decades of frequency by tuning the clock frequency. This is in stark contrast to
SAW filters, which are fixed in frequency, necessitating a large array of SAW filters for each
frequency band used in cellular networks. Over the past several years, there has been exten-
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sive research on N-path filters in the CMOS RFIC community, and this research has enabled
the development of SAW-less receivers for cellular communication applications [79, 80].
A.2 Design of Higher Order N-Path Filters
Filters play a crucial role in radio transceivers, and are used for front-end band-selection
and intermediary channel-selection in receivers and as output filters in transmitters. Perhaps
the most significant challenge facing reconfigurable/software-defined radios is the realization
of highly-linear, high-Q tunable filters.
N-path filters have recently re-emerged as a promising solution to realize highly-linear,
high-Q tunable on-chip filters. However, the original topology [157] only results in a second-
order filtering profile which may not be sufficient for many applications. Recent research
efforts to realize higher-order N-path filter responses have relied on the incorporation of
active circuitry in the filter topology [105,158]. To achieve a 4th order response, the authors
of [158] use the difference of two slightly-shifted 2nd order filters, with the frequency shifts
accomplished using an N-pathGm−C technique. It should be noted that this is not a scalable
solution to achieve arbitrary order. The authors of [105] have developed a methodology to
design active N-path filters employing gyrators in the signal path.
This appendix presents a design methodology using only passive elements to synthesize
N-path filters of arbitrary order and type. The methodology extends known filter synthesis
techniques for LC filters to N-path implementations. A study of various loss mechanisms is
presented, and the methodology is verified through the implementation and measurement of
a 600-850 MHz, nominally 6th-order, high-Q N-path filter in 65 nm CMOS.
It is known that filters of any desired type (Butterworth, Chebyshev, etc.) and any desired
order can be achieved by cascading shunt and series LC sections (Fig. A.1(a)). However,
two fundamental challenges exist in extending this design methodology to N-path filters.
Firstly, the conventional N-path bandpass filter discussed in [79] has a transfer function that
is equivalent to a shunt LC section close to its center frequency. However, no N-path filter












Figure A.1: (a) 6th-order LC filter. (b) Shunt-LC to series-LC transformation of a two-port















Figure A.2: (a) Proposed architecture of an all-passive 6th-order (in general, arbitrary order)
N-path filter with CLC T-type quarter-wave t-line equivalents. (b) Simulated comparison
of 1 GHz 2nd- and 6th-order 20 MHz bandwidth Butterworth LC and N-path filters with
ideal switches and passive components.
structure has been reported that is equivalent to a series LC section. Intuitively, a series-
LC-like N-path filter would require switching a series inductor (with switches on both sides
of the series inductor), and an impractically-large (and consequently lossy) inductor value
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(a) (b)
(c)
Figure A.3: Simulation of different loss factors on the performance of the 1 GHz all-passive
Butterworth 6th-order N-path filter designed for 20 MHz bandwidth (in each figure only
the effect of one loss source has been taken into account and other parameters are ideal):
(a) effect of finite number of paths, (b) switch resistance, and (c) lumped t-line equivalent
implementation on the loss and filter shape.
would be required for typical passband bandwidths. A second challenge is that N-path filters
cannot be simply cascaded due to their LPTV nature. Cascading N-path filters would result
in interaction (charge sharing) between the switched capacitors, and significant deviation
from the expected response.
Our proposed methodology uses quarter-wave t-lines on either side to transform a shunt-
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Figure A.4: Comparison of IB loss versus quality factor of the utilized inductors in the 1 GHz
6th-order Butterworth 20 MHz bandwidth LC and all-passive N-path filter.
LC-like response to a series LC section (Fig. A.1(b)). While the original N-path filter that
was been proposed in [157] uses two sets of mixers (switches) to translate a low-frequency
filter profile to a bandpass center frequency, in recent implementations, one set of switches
has been eliminated, resulting in merging of the input and the output node. In other words,
a single-port filter configuration is realized with lower clock path DC power consumption
and better noise performance [79]. In order to isolate the input and the output nodes, we
revert to the two-port shunt-LC-like N-path filter and transform it to series-LC behavior
using quarter-wave t-lines (Fig. A.1(b)). The required shunt-LC sections of the original LC
filter are still realized using the one-port configuration (Fig. A.1(c)).
A complete LPTV analysis of the proposed filter topology is cumbersome, but it is
interesting to note that the quarter-wave t-lines also eliminate the interaction between the
N-path filters. Consequently, each N-path filter can be independently designed to emulate
the LC section that it is replacing.
The use of quarter-wave t-lines will limit the tuning range. As will be seen later in this
Appendix, the quarter-wave t-lines are implemented as lumped-LC two-port equivalents.
The Cs of the two-port equivalents are realized as switched-capacitor banks, which allow
partial reconfiguration of the operating frequency. Indeed, tuning both L and C is required
to maintain characteristic impedance while tuning the quarter-wave frequency. Nevertheless,
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Figure A.5: Block diagram, schematic and chip microphotograph of the 65 nm CMOS 600-
850 MHz all-passive 6th-order N-path filter.
tuning C alone allows 600-850 MHz operation in our prototype, or a tuning range of 35%,
which is sufficient to cover the Long-Term Evolution (LTE) low bands for instance.
A single-port 4-path system and its equivalent RLC tank were analyzed in [79]. Ignoring
switch resistance, a similar derivation for a two-port N-path filter with a capacitance of C2
















Here, Rs and Rl are the real source and load impedances, and fs is the clock frequency. frSc
is equal to 1
2πRsC2




Let us assume that the bandpass higher-order LC filter to be emulated has component
values Ls, Cs, Lp and Cp as in Fig. A.1(a)). Using (A.2) and a generalization of Eq. (19)
in [79] to N paths, and assuming R0 is the reference impedance, the value of C1 and C2 can
be computed as:
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Figure A.6: Pie chart showing the distribution of loss for the 65 nm CMOS all-passive
Butterworth 6th-order 1 GHz N-path filter (16 paths, Rsw,1port=10 Ω, Rsw,2port=4 Ω, QL=15









Fig. A.2(b) depicts a comparison between simulations of ideal 2nd- and 6th-order Butter-
worth LC filters designed for 1 GHz center frequency and 20 MHz bandwidth, and 2nd-order
16-path and all-passive higher-order 16-path filters with ideal switches and passive compo-
nents. An extremely close match is seen, validating the methodology.
The implementation of quarter-wave t-lines at RF frequencies on chip is extremely area-
hungry and lossy. Consequently, the quarter-wave t-lines may be replaced with two-port
lumped T- or π-sections that are equivalent at the quarter-wave frequency. Four possible
two-port lumped sections exist: CLC T-type, CLC π-type, LCL T-type and LCL π-type.
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where f is the quarter-wave frequency. For ease of implementation, fewer number of inductors
is preferable. To this end, CLC networks are advantageous (such as the CLC T-type network
in Fig. A.2(a)). The four possible networks differ from each other (and from a true quarter-
wave t-line) in their response at harmonics of the operating frequency, and therefore can be
expected to impact the filter performance given its LPTV nature. This is examined in the
following Section.
A.3 Design Trade-Offs and Loss Factors
The various factors that impact the performance of the proposed N-path filter include:
finite number of paths, switch on-resistance, switch parasitic capacitance, the lumped π t-
line equivalents and the loss associated with the inductors in the lumped equivalents. The
loss introduced by the finite number of paths ranges from negligible for 16 paths to ∼3 dB
for 4 paths for the 6th-order example in Fig. A.3(a). Higher number of paths leads to more
complexity and power consumption in the clock path. Switch on-resistance in the shunt
one-port N-path filters affects filter OOB rejection but does not impact IB loss, while on-
resistance in impedance-transformed two-port N-path filter has the opposite impact (Fig.
A.3(b)). Increasing switch size in the N-path filters increases clock path power consumption
as well as the detrimental impact of switch parasitic capacitance. In Fig. A.3(c), the impact
of the lumped t-line equivalent network type is investigated. It is seen that the CLC T-type
equivalent results in the best filter shape and loss. The impact of finite inductor quality
factor (QL) is studied in Fig. A.4 and is compared to the equivalent π filter. Note that the
CLC T-type sections only perform low-Q impedance transformation in the proposed N-path
filter and do not store substantial energy. Consequently, the impact of finite inductor Q is
small, especially when compared with the equivalent π filter.
Fig. A.6 shows the loss distribution when the filter is implemented in 65 nm CMOS
technology. For the example considered, 55% of the loss comes from switch on-resistance
and parasitic capacitance which improve with CMOS technology scaling.



































Figure A.7: Measured S21 and S11 for different clock frequencies in conjunction with recon-
figuration of the CLC T-type networks. A comparison between measurement (solid) and
simulations (dashed) is also shown for one frequency.
Figure A.8: Measured input referred P1dB and IIP3 for the filter tuned at a center frequency
of 725 MHz (for IIP3 ftone1 is shown on the x-axis and ftone2=2ftone1 − fc).
A.4 Implementation and Measurement Results
The block diagram, schematic and chip micro-photograph of the implemented filter are
illustrated in Fig A.5. The chip has been fabricated in 65 nm CMOS technology with an
active area of 1.2 mm2 and mounted in a QFN24 package. Each filter is implemented using
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Figure A.9: Measured NF while clocking the filter at 725 MHz.
16 paths and separate clock generation has been utilized to ensure maximum symmetry in
routing. The switch sizing is consistent with Fig. A.6. The CLC sections are implemented
using switched-capacitor banks to increase the tuning range and off-chip air-core 8.1 nH
inductors (0908SQ from Coilcraft, typical Q=100).
The measured S21 and S11 of the filter are shown in Fig. A.7 and are compared to
post-layout simulation results at one frequency. The filter can be tuned from 600-850 MHz
in conjunction with reconfiguration of the CLC T-type networks, with a bandwidth that
ranges from 9-15 MHz and a Q that ranges from 40 to 90. The IB loss is measured to be
4.7-6.2 dB in this range with an OOB rejection of 30-50 dB. IB and OOB P1dB of 0 dBm
and +14 dBm are measured and plotted versus frequency in Fig. A.8 for the filter tuned
at 725 MHz. Measured IB and OOB IIP3 are +7 dBm and +17.5 dBm respectively. The
measured IB NF is 8.5 dB (Fig. A.9). The chip draws 75 mW at 700 MHz from a 1.2 V
supply.
A comparison between this work and previous N-path filters is shown in table A.1. The
proposed filter exhibits sharper filtering and increased OOB rejection when compared with
the conventional 2nd-order N-path filter [79] at the expense of increased IB loss, which is a
trade-off that is typical for passive π-based filters as well, and increased clock-path power
consumption and reduced tuning range. The proposed filter is useful for applications where
sharp filtering and moderate tunability is required, such as frequency-channelized receivers,
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Table A.1: Performance summary and comparison of the 6-th order N-path filter with prior
art.
This work [79] [158] [105]
CMOS Tech. (nm) 65 65 65 65
Filter Order 6 2 4 6
BW (MHz) 9-15 35 20 8
Freq. Range (GHz) 0.6-0.85 0.1-1 0.4-1.2 0.1-1.2
IB P1dB (dBm) 0 2 N/R -23
OOB P1dB (dBm) 14 N/R N/R N/R
IB IIP3 (dBm) 7 >14 9 -12
OOB IIP3 (dBm) 17.5 N/R 29 26
NF (dB) 8.6 3-5 10 2.8
Gain (dB) -4.7 to -6.2 -2 3.5 25
OOB rejection (dB) 30-50 15 55 59
Power consumption (mW) 75 at 700 MHz 2-20 12.8-21.4 18-57.4
perhaps preceded by a highly-linear front-end low-noise amplifier.
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Appendix B
LPTV Analysis of N-Path Filters With
Embedded Phase-Shifting
In this Appendix, we describe a novel method of embedding phase-shifting functionality
into the two-port N-path filter by introducing relative phase-shift between the input and
output clock sets.
B.1 Two-port N-path Filter Analysis with Relative Phase-
Shift Between Input and Output Clocks
The intuition behind this approach arises from viewing the two-port N-path filter as a
cascade of downconversion and upconversion mixers - phase-shifting the LO of the upcon-
version mixer imparts a phase shift to the signal.
The authors of [159] have proposed a unified frequency-domain analysis of LPTV N-path
poly-phase systems based on decomposing the network into kernels, each working indepen-
dently in a unique time interval within the clock period. In [79], based on the proposed
methodology, the exact expression for the harmonic transfer function of a one-port N-path
filter as shown in Fig. B.1(a) has been derived. Here, we utilize the same method of anal-
ysis to derive the complete transfer function of a two-port N-path filter with embedded


































Figure B.1: Variations of the N-path bandpass filter (N=4): (a) single-port and (b) two-port
configurations and the corresponding clock signals (τd is the delay that can be incorporated
between pi(t) and qi(t) for the two-port filter).
phase-shifting (Fig. B.1(b)).
The corresponding kernel for the two-port filter is shown in Fig. B.2(a) assuming ideal
switches. pi(t) and qi(t) are the clock signals applied to the input and output side switches
and it is assumed that the qi(t) signals have a time delay of τd compared to pi(t). Figs.
B.2(b) and B.2(c) show two possible cases when qi(t) is shifted relative to pi(t). The time
intervals shown in Fig. B.2 are given in Eq. (B.1)-(B.2) based on the value of τd. Note that
the third case ( (N−1)Ts
N
< τd < Ts) is very similar to case I. For brevity, its analysis is not
presented here.
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Figure B.2: (a) Two-port N-path filter kernel and timing diagrams for two different cases:







For 0 < τd < TsN : 

















τ2 = τd − TsN ,
τ4 = Ts − τ1 − τ2 − τ3
(B.2)
B.1.1 Case I (0 < τd < Ts/N)
This case investigates the case of partially overlapping clocks, as shown in Fig. B.2(b).
The following state-space equations hold for any interval k of the kernel in Fig. B.2(a):
dvc
dt
= Akvc(t) +Bkvin(t), nTs + σk−1 ≤ t < nTs + σk, (B.3)
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, B3 = 0,
A4 = 0, B4 = 0.
(B.4)















where Vc,k is the capacitance voltage for each interval and is zero outside the interval, G is
the switching-moment transfer function and n is an indication of the frequency translation
effect of N-path filters. Here we are interested in the filtering characteristic and hence n=0.





α = e−2π(frscτ1+frpcτ2+frlcτ3), (B.8)
where α is the same for all the intervals of Fig. B.2(b) and fric=
1
2πRiC
for RS, RL and RP.






















[ej2πfτ2 − e−2πfrpcτ2 ], (B.10)












[ej2πfτ2 − e−2πfrpcτ2 ].
(B.11)
Finally, the output is equal to the capacitance voltage only when second switch is on.
So, in the case of Fig. B.2(b):
Vout(f) = Vc,2(f) + Vc,3(f). (B.12)
Note that β4 was not provided in (B.9) because it does not affect Vout. The overall Harmonic
Transfer Function (HTF) is:








where the N factor arises due to the summing across all paths. Although (B.7)-(B.13) seem
quite complex, we can determine the transfer function in the vicinity of clock frequency fs.
Assuming fs  fric for i = s, l and p (i.e the capacitors average the signal rather than








In (B.14), due to the e−j2πfτd term, it is clear that the IB phase shift change is equal to
the clock phase shift.
B.1.2 Case II (TsN < τd <
(N−1)Ts
N )













, B3 = 0,
A4 = 0, B4 = 0.
(B.15)
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[ej2πfτ1 − e−2πfrscτ1 ].
(B.16)
In this case, the output voltage is given by Vout(f) = Vc,3(f) and the overall HTF from input
to output voltage is:



















N − e−2πfrsc TsN )(ej2πf TsN − e−2πfrlc TsN )
ej2πfTs − e−2π(frsc+frlc)TsN
. (B.18)
In (B.18), the only dependency on the clock phase-shift (τd) is in the multiplicative factor





, only the phase of the transfer
function changes while the magnitude remains constant1. Furthermore, assuming fs  fric
for i = s, l and p and f ≈ fs results in the same expression as was obtained in case I, namely
(B.14).
B.1.3 Impact of Switch Resistance and Noise
The harmonic transfer function of a two-port N-path filter in the presence of switch
resistance can be derived from the previous analysis with minor modifications. Adding a
memoryless resistor in series with each switch results in a equivalent system consisting of no
switch resistance (Rsw), but with modified source and load impedance of RS,tot = RS +Rsw1
and RL,tot = RL+Rsw2, where Rsw1 and Rsw2 are the input and output side switch resistances.






1In Case II, this is true across all frequency, as opposed to near the center frequency as in Case I.
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where H2portn,sw (f) is the HTF with finite switch resistance.
The output noise power of a two-port N-path filter primarily arises due to the thermal
noise of the source impedance and the switch resistances2. The effect of noise folding from
harmonics of fs should be taken into account. The flicker noise of the switches is negligible
since no DC current flows through them. Hence, as in [79], we calculate the output noise
power Nout(f) below. RS = RL and Rsw1 = Rsw2 has been assumed to ensure equal HTFs
in both directions to ease the calculation of the noise contribution of Rsw2.
Nout(f) = | RLRL+Rsw2 |
2[Nrsw2(f)|1−H0(f)|2+
Nrs+rsw1(f)|H0(f)|2+∑∞
−∞,n 6=0 |Hn(f)|2(Nrs+rsw1(f − nfs) +Nrsw2(f − nfs))].
(B.20)
The first two terms are the contributions of the noise sources associated with the source
resistance and the two switch resistances around the fundamental frequency, and the rest
accounts for noise folding. As the switch resistances increase, they contribute more noise
while the contribution of the source resistance decreases, increasing NF.
B.1.4 Simulation Results
In this Section, an intuitive explanation of the results of the previous subsections is
discussed, accompanied by simulation results. Although the one-port filter cannot provide
phase-shifting, it is interesting to compare the IB loss and OOB rejection of one-port and
two-port filters.
Figs. B.3 and B.4 shows the theoretical and simulated S21 results for different clock
phase-shifts which cover both cases studied in the previous subsections. The simulations
are run for an ideal 4-path two-port filter with RS = RL = 50 Ω and C = 50 pF. Also,
note that the HTFs are converted to S21 to deembed the effect of voltage division across the
source impedance. It can be observed that the phase response of the N-path filter in the
vicinity of the center frequency is shifted by an amount equal to the applied clock phase-shift
2The load impedance is not considered as it is provided by the input matching of the following stage.


























































Figure B.3: Calculated (lines) and simulated (markers) magnitude of S21 for the 4-path
two-port configuration (RS = RL = 50 Ω, C = 50 pF) across different phase-shift settings.
The calculated HTFs are converted to S21 to de-embed the effect of voltage division (6 dB)




























































































Figure B.4: Calculated (lines) and simulated (markers) phase of S21 for the 4-path two-port
configuration (RS = RL = 50 Ω, C = 50 pF) across different phase-shift settings.
which agrees with our theoretical calculations (Fig. B.4). In addition, in the vicinity of the
center frequency, the magnitude response is unchanged in all phase-shift cases, as predicted
by theory (Fig. B.3).



































Figure B.5: Theory and simulation results for the IB voltage gain and NF of a two-port filter
(at fs and for any τd) based on exact and approximate expressions of a 4-path two-port filter
(RS = 50 Ω and C = 50 pF).
On the other hand, the OOB rejection is affected by the amount of clock phase-shift
applied. When τd is increased from zero to TsN , the OOB rejection decreases from 50 dB to
20 dB. Increasing the τd further (entering case II) does not affect the OOB rejection anymore
(recall that the magnitude response is completely unaffected in case II). Once τd crosses
(N−1)Ts
N
(entering case III), the OOB rejection increases once again (similar to case I but in
reverse). In other words, the best OOB rejection is achieved at zero delay and worst case
OOB rejection happens for nonoverlapping clocks. Viewing the two-port filter as a cascade
of down- and up-conversion mixers reveals that at OOB frequencies, the output signal is a
superposition of the components produced by multiplication with the DC and fundamental-
frequency components of the effective mixing waveforms of the input and output switches,
and this superposition depends on the phase relationship of the mixing waveforms.
In a two-port N-path filter, the ratio of RS
RL
and RS||RL is another degree of freedom. Figs.
B.5 and B.6 illustrate the effect of varying RS
RL
and RS||RL on the IB voltage gain, NF, and
OOB rejection of a two-port filter for a fixed RS. Using higher load impedances is preferable
since it helps IB voltage gain, NF and OOB rejection at the same time. Furthermore, the
ability to reconfigure RS and RL with respect to each other enables the embedding of variable
attenuation in the two-port N-path filter. It should be noted that the BW of the filter also
changes with the RS
RL
ratio. At IB frequencies, the capacitances can be thought of as open





































Figure B.6: Theory and simulation results for the OOB rejection of a two-port filter (at
fs and for any τd) based on exact and approximate expressions of a 4-path two-port filter
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Figure B.7: Comparison of NF and IB loss for the one and two-port filter (for the two-port
filter, the 6 dB inherent voltage division is de-embedded).
circuits and the output approximately undergoes a voltage division between source and load
impedances, justifying why a lower RS
RL
ratio results in better voltage gain. As for the OOB
rejection, increasing RL reduces the BW, the amplitude of the capacitance voltage becomes
lower and therefore, less signal leaks to the output.
It is also interesting to compare the effect of switch resistance on one and two port N-path
filters. Figs. B.7 and B.8 show a comparison of the IB loss, NF and OOB rejection of one and
two-port filters designed for the same bandwidth versus the total switch resistance in each
path. Note that the total switch resistance in each path for a two-port filter is Rsw1 +Rsw2 =
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Figure B.8: OOB rejection of 4-path filters designed for the same bandwidth versus total
switch resistance of each path (RS = RL = 50 Ω, C = 50 pF/25 pF for the two-port/one-port
filter).
2Rsw. If the same total switch resistance in each path is maintained, the LO-path power
dissipation in a two-port filter will be double that of a one-port filter. Furthermore, since
we are considering the case of RS = RL here, the capacitance of a two-port filter must
be double that of a one-port to maintain the same bandwidth. The simulations are run
with ideal switches to verify the theory. The effect of device capacitive parasitics may be
seen from the measurement results in Section III. As can be seen from Figs. B.7 and B.8,
the one-port filter IB loss decreases slightly with increasing switch resistance. However, its
OOB rejection degrades rapidly. On the other hand, the two-port filter suffers from more IB
loss as the switch resistance increases, while the OOB rejection remains roughly constant.
Intuitively, the low impedance of the capacitances at OOB frequencies sinks most of the
signal to ground, resulting in very small leakage to the output (also noted in [160]). While
RS = RL was considered here, if RL is made very large, the increase of IB loss with switch
resistance and doubling of capacitance can be avoided.
Fig. B.5 and B.7 also shows the simulated NF of one and two-port filters (Rsw1 = Rsw2)
versus RS
RL
and total switch resistance (RS = RL), which agree with (Eq. B.20) and Eqs. (20)
and (21) in [79]. For the two-port filter, the noise of both switches contribute to the overall
NF, while for the one-port filter, the noise of the switch is suppressed as observed in [79].
To compare large-signal handling performance, Fig. B.9 compares the voltage swings











































































Figure B.9: Voltage swings across the switches of one-/two-port N-path filters for -6/0 dBm
of input power. fs=1 GHz, CBB = 50 pF, Rs = RL = 50 Ω, Rsw1 = Rsw2 = 5 Ω for the
two-port filter and CBB = 25 pF and Rsw = 10 Ω for the one-port filter. (a) IB voltage
swings for a 1 GHz input signal. (b) OOB voltage swings for a 600 MHz input (τd = 0). All
components are ideal in these simulations.
across the switches of one and two-port N-path filters for IB and OOB signals resulting in
the same IB output voltage (-6 dBm input for the one-port and 0 dBm for the two-port).
For IB signals (Fig. B.9(a)), due to voltage division between the source and the load, each
switch of the two-port filter sees the same swing as the switch in the one-port filter. For
OOB signals (Fig. B.9(b)), the output-side switch in the two-port filter sees little swing
as the baseband capacitors attenuate the signal. Hence, the input swing drops across the
input-side switch, similar to the one-port.
A two-port structure trades off IB loss and NF for phase-shift and attenuation control
capability as well as better OOB rejection compared to the one-port filter. These trade-offs
should be considered when choosing one for a given application.















































Figure B.10: (a) Chip photograph of one of the reconfigurable two-port phase-shifting N-
path Gm − C filters in a 0.8-1.4 GHz 65 nm CMOS self-interference canceling receiver, (b)
simplified circuit diagram of each of the filters.
B.2 Applications, Implementation and Measurements
N-path filters with embedded variable attenuation and phase shifting can find applica-
tions in wideband RF self-interference cancellation and phased-array receivers as well as in
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nonreciprocal components and antenna front-ends. In FDD and SC-FD transceivers, the re-
ceiver must operate in the presence of strong transmitter self interference. Self-interference
cancellers can alleviate this challenge, but require precision amplitude and phase align-
ment [128,132]. Furthermore, to achieve wideband cancellation, the cancellation path must
mimic the highly-selective isolation response of the antenna interface over frequency. Con-
ventional cancellers exhibit a programmable-but-flat amplitude and phase response, which
limits cancellation BW [128]. In [132], by using multiple reconfigurable high-Q N-path
Band-Pass Filters (BPFs) with embedded phase-shift and amplitude control as described in
here, Frequency-Domain Equalization (FDE) has been achieved, enabling wideband RF self-
interference cancellation. In conventional phased arrays, frequency-domain filtering, phase-
shifting and variable gain functionality are typically implemented in separate blocks. [161]
proposes a phased-array system which uses an N-path passive mixer at the antenna interface
to achieve filtering, while a phase selector in the LO path is used to apply the phase-shift.
However, variable gain/attenuation functionality for beamforming is absent.
B.2.1 Two-port Phase-Shifting Gm − C N-path Filter Design
Two digitally-reconfigurable two-port Gm − C N-path filters with embedded variable
attenuation and phase-shift have been used in the FDE-based RF self-interference canceller
of a 0.8-1.4 GHz reconfigurable receiver reported in [132] (Fig. B.10(a)). Fig. B.10(b)
depicts the schematic of each filter, where RS models the input source resistance, RM is used
to provide input power matching, and RTX and RRX are the resistive loads at the TX and RX
side respectively that control the amount of attenuation. On-chip phase-shifters and 25%
duty-cycle clock generation circuitry are used to generate phase-shifted clocks. The CC bank
is used to weakly couple the cancellation signal to the receiver input for self-interference
cancellation (10 dB coupling across the operating range). Since CC is weak, its loading
effect on the N-path filter is assumed to be negligible. The Q of the N-path filter (and
consequently its group delay) may be reconfigured via the baseband capacitor (CB) and the
center-frequency may be shifted using programmable clockwise/counter-clockwise-connected






























































Figure B.11: Filter measurement results with default setting as Gm=0 mS, fS=1.1 GHz,
RM=58 Ω, RTX=RRX=45 Ω, CC=2.4 pF, and CB=52 pF: (a) magnitude responses with
various LO clock phase shift settings, (b) normalized phase responses with various LO clock
phase shift settings.
baseband Gm cells [158]. The LO path DC power is 44 mW at 1.35 GHz for each filter.
B.2.2 Measurement Results
We focus on experimental validation of variable phase shift and attenuation. One of the
two-port N-path filters is measured with the baseband Gm cells powered down. S-parameter
measurement results are shown in Fig. B.11. In Figs. B.11(a)-(b), the impact of clock
delay is shown. It is clear that the IB phase changes by an amount equal to the clock phase
shift. In order to interpret the IB loss in Fig. B.11(a), approximately 22 dB of loss must
be de-embedded, arising from the 10 dB CC coupling, 6 dB power split between the receiver
input matching and VNA and 6 dB inherent voltage split across RRX . There is ∼2 dB of IB
loss variation across phase shift which is caused by switch parasitic capacitance contributing
to CBB and duty-cycle variations in the clock signals across phase shift settings (which is
not fundamental to the N-path filter structure). OOB rejection cannot be verified from this
measurement due to the frequency dependent CC coupling and the tuned input matching at
the receiver side.
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Appendix C
LPTV Analysis of N-Path-Based
Circulators
In this Appendix, a simplified method of analyzing the N-path-filter-based circulator is
proposed by using the fundamental-to-fundamental S-parameters of the N-path filter as a
simplified model (ignoring harmonic conversion effects) along with conventional microwave
circuit analysis techniques. This method can be used to capture the effect of various non-
idealities, such as loss of the N-path filter, the effect of switch resistance and the phase
mismatch between the transmission lines and the gyrator (to provide the tuning range of
the circulator). Here, we first describe the analysis methodology and show how the basic
circulator structure works. In the second part, we take a look at how a non-ideal gyrator can
effect the circulator performance. Finally, we calculate the tuning range of the circulator.
C.1 Analysis of Ideal N-Path-Based Circulator
In this Section, we analyze the three-port circulator, where the RX port is at a distance
l from the side of the N-path filter. As mentioned in Chapter 2 and shown in Fig. C.1, for
a Rsw=0, we have 13 unknowns, 8 wave voltage amplitudes (VL1+, VL1−, VL2+, VL2−, VL3+,
VL3−, VL4+ and VL4−) and 5 node voltages (Vtx, Vant, Vrx, Vx and Vy) as can be seen in Fig.
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Figure C.1: circuit schematic of the 3-port circulator.
C.1.
The wave amplitudes are defined such that the positive direction of the wave propagation
is in the circulation direction. From transmission line theory for a lossless transmission line
we have:







−jβx − V−ejβx), (C.2)
where V (x) and I(x) are the voltage and current of the transmission line at a distance x, V+
and V− are the wave voltage amplitudes in the positive and negative propagation directions
and β is the imaginary component of the propagation constant (β = 2π
λ
).
From Fig. C.1, for the left-hand side transmission line, we can write:
Vx = VL1+ + VL1−, (C.3)
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Vtx = −jVL1+ejβl + jVL1−e−jβl. (C.4)
similarly, for the top quarter-wavelength transmission connecting the TX and ANT we have:
Vtx = VL2+ + VL2−, (C.5)
Vant = −jVL2+ + jVL2−. (C.6)
In addition to these 4 equations, another 4 equations can be written for the two transmission
lines on the right.
Vant = VL3+ + VL3−, (C.7)
Vrx = −jVL3+ + jVL3−, (C.8)




Additionally, from the fundamental-to-fundamental S-parameters of the N-path filter, we















Three more equations can be added to these, by evaluating the Kirchhoffs Current Law
(KCL) at the three ports. Note that since the port impedances match the characteristic
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impedance of the transmission lines, we can omit them from both sides of the KCL equations.
Vin,tx − j(VL1+ejβl + VL1−e−jβl) = Vtx + VL2+ − VL2−, (C.13)
−j(VL2+ + VL2−) = Vant + VL3+ − VL3−, (C.14)
−j(VL3+ + VL3−) = Vrx + VL4+ − VL4−. (C.15)
This gives us a total of 13 equations which can be solved to provide a unique solution
for the voltages and currents in the circulator. To simplify the equations we first substitute




Examining Eqs. (C.14) and (C.15), and substituting Eqs. (C.5) and (C.7) and (C.16) results
in:
−jVtx = Vant + VL3+ − VL3−, (C.17)
−jVant = Vrx − Vtx. (C.18)
By substituting Eq. (C.18) into Eq. (C.17) and using Eq. (C.8), we can conclude:
VL3+ = VL3− −→ Vrx = 0. (C.19)
This result demonstrates perfect isolation in this structure. The reader can further prove
that the full solution matches the values provided in Table C.1. A similar procedure can be
done to solve for the voltages in the same structure for an ANT excitation. The results are
shown in Table C.2.
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C.2 Analysis of N-Path-Based Circulator: Non-Ideal Gy-
rator
Next, we add more complexity to our circuit structure, by assuming a non-ideal gyrator.
We include two separate effects: (I) the finite number of paths in the N-path filter and (II)
the on-resistance of the transistors.
The modified circuit diagram for this structure is shown in Fig. C.2. In this case, we
have 19 unknowns, 12 wave voltage amplitudes (VL1+, VL1−, VL2+, VL2−, VL3+, VL3−, VL4+,
VL4−, V1+, V1−, V2+ and V2−) and 7 node voltages (Vtx, Vant, Vrx, Vx, Vy, V1 and V2). Here,
we would review all the equations and provide the full solution. The first 8 equations would
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V1+ = (α− 1)V1− − jαV2+, (C.20)
V2− = jαV1− + (α− 1)V2+. (C.21)
Eqs. (C.13)-(C.15) also remain valid for this structure. The next 6 equations are:
V2 = V2+ + V2−, (C.22)
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Figure C.2: Simplified model using the analytical S-parameters of the N-path filter and series
switch resistances.
V1 = V1+ + V1−, (C.23)
Z0
Rsw
(Vy − V2) = V2+ − V2−, (C.24)
Z0
Rsw
(V1 − Vx) = V1+ − V1−, (C.25)
Z0
Rsw
(Vy − V2) = VL4+e−jβl − VL4−ejβl, (C.26)
APPENDIX C. LPTV ANALYSIS OF N-PATH-BASED CIRCULATORS 181
Table C.3: The solution to the N-path-filter based circulator with non-ideal gyrator for a


































































































(V1 − Vx) = VL1+ − VL1−. (C.27)
Finally, the solution for the above linear equations is shown in Table C.3 for l=0.
C.3 Tuning Range of N-Path-Based Circulator
The analysis has been performed for the general case when the transmission lines are not
quarter-wavelength, with both switch resistance Rsw and finite number of paths N taken
into account. The closed form expressions for S21, S32, and S31 at fs as fs is tuned can be
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derived as described below. Let us define:
A =










− 1) + j Z0
Rsw
cos(βl))
ejβl(j + cos(βl) + j Z0
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The ANT-RX insertion loss (S32) at the center frequency as fs is tuned is given by:







where l is the quarter-wave length of the transmission lines and β is the phase constant at fs.
Similarly, the TX-ANT insertion loss (S21) and TX-RX isolation (S31) as the clock frequency
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Appendix D
Harmonic Conversion Matrices Analysis
of SAW-Based Circulators
Recently, a family of spatio-temporal-modulation-based implementations have emerged
in which electro-acoustic or electro-mechanical delay elements such as SAW devices, Film
Bulk Acoustic Resonators (FBARs) and other Micro-Electro-Mechanical Systems (MEMS)
resonators, are used to further increase the modulation frequency ratio of nonreciprocal
components [162–167]. Typically, acoustic waves in piezoelectric materials travel at speeds
of 3000-5000 m/s, about 5 orders of magnitude slower than electromagnetic waves resulting
in large delays attainable over a very small area [168]. Although these works have shown
the feasibility of enabling nonreciprocity using high modulation frequency ratios, yet the
performance of the prototypes implemented is far from their fully-electronic counterparts
due to limited modulation index, inefficient electro-acoustic and electro-mechanical energy
conversion and low quality factor of the additional passives (varactors, switches, matching
networks, etc).
In [169], two conductance-modulation-based circulators was developed using commercial
SAW resonator devices, one at 1.95 GHz yielding close to 3 dB of loss, more than 40 dB
reverse isolation and a modulation frequency ratio of 39 and a second electro-acoustic cir-
culator with a modulation frequency ratio of 100.6, ∼2.3 dB loss and more than 60 dB of










































































Figure D.1: (a) Nonreciprocal gyrator created using a delay element sandwiched between
two Gilbert-quad switches. (b) Possible implementations of the delay element using electro-
acoustic devices such as SAW resonators/filters and FBARs. (c) The electro-acoustic gyrator
proposed in this work, combining the benefits of electronic (high conductivity modulation
ratio) and acoustic domains (large delays).
reverse isolation at 172 MHz. In this Appendix, the analysis of electro-acoustic gyrators and
circulators based on spatio-temporal conductance modulation is described in further details1.
D.1 Theoretical Analysis Based on Conversion Matrices
Various methods have been introduced in the past few years that provide analytical
solution for various LPTV systems such as the unified frequency-domain analysis of switched-
RC passive circuits [159], the adjoint network method [170] and conversion matrices method
[171].
We have analyzed our electro-acoustic gyrator [172] using the conversion matrices method
discussed in [171]. The conversion matrices method allows an analytical solution to any
general LPTV system. It can be shown that the response of an LPTV system can be written
1The works presented in this Appendix are primarily done by Dr. Jose Antonio Bahamonde, while I have
assisted with the analysis of the electro-acoustic gyrators.






Hn(ω)X(ω − nωm) (D.1)
where Y and X are the Fourier transforms of the output and input of the system, ωm = 2πTm
is the angular frequency and Hn(ω)s are the harmonic transfer functions of the system for a
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whose elements Hi,j(ω) = Hi−j(ω + iωp). The overall system can be described by Y (ω) =
H(ω)X(ω) in which Y (ω) and X(ω) are vectors. Since the system is linear, Kirchhoff’s
relations hold for these equations. We can extend the conversion matrices to other two port
network matrices. Here we use ABCD parameters and take advantage of their cascading
property to calculate the harmonic transfer functions of the electro-acoustic gyrator described








where Vi(ω) and Ii(ω) are n × 1 matrices and each of the ABCD parameters are n × n
matrices. Since the SAW filters are linear LTI systems, the ABCD conversion matrix for
the SAW filter is diagonal. The equivalent ABCD of the two parallel SAW filters with
differential ports have can be calculated by using Eq. (D.4).
ASAW,diff (ω) = ASAW (ω)





DSAW,diff (ω) = DSAW (ω)
(D.4)
























































Figure D.2: The simplified block diagram used for harmonic conversion analysis.
However, the quad switches on either side have more complex ABCD parameters due
to their time-varying nature. Fig. D.2 shows a simple representation of the gyrator and its
ABCD matrix calculation. The quad switches are assumed to have a finite switch resistance
when they are on, which is modeled as a resistor in series with ideal switches. The ABCD
parameters of the quad switch on the left side of Fig. D.2 can be written as:
Bsw(ω) = Csw(ω) = 0 (D.5)
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The complete switched-SAW filter structure shown in Fig. D.2 can be analyzed using
Eq. (D.7). For simplicity, the only non-ideality attributed to switches in Fig. D.2 is the on




































































































Figure D.4: (a) Insertion loss, group delay and (b) phase response of TaiSAW 169 MHz SAW
transversal filter.
resistance; however, other non-ideal effects such as off-resistance and parasitic capacitances
can be added.
The larger the dimension of the matrices that we include in the calculation, the more
accurate the results will be. To verify that the results are correct we must ensure AD−BC =
−1 at each frequency point. It should be noted that as more harmonics are included, the
closer AD − BC would be to -12. The results from the conversion matrices described here
2Note that in reciprocal networks AD − BC is always equal to 1. In case of a nonreciprocal gyrator
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Figure D.5: Block diagram of the switched-delay gyrator using a band-limited delay element
and an intuitive representation of the frequency conversion resulting in inter-modulation































Figure D.6: Analytic results of the gyrator using the 1.95 GHz resonator SAW filter as its
delay element. The frequency response profile of the SAW is shown (the dashed line) as a
reference.
AD −BC should be equal to -1.



































Figure D.7: Analytic results of the gyrator using the 169 MHz transversal SAW filter as its
delay element. The frequency response profile of the SAW is shown (the dashed line) as a
reference.
can be combined with microwave circuit analysis techniques to calculate the response of the
overall circulator as has been previously done [94].
D.2 Electro-Acoustic Gyrator Simulations
Two electro-acoustic gyrators based on commercial SAW devices have been implemented.
We have selected a 1.96 GHz SAW resonator-based filter (Qorvo 857145) [173] and a 169 MHz
transversal filter (TAI-SAW TA0437A) [174]. The Qorvo SAW filter has a center frequency
of 1.96 GHz, nominal loss of 3 dB, 160 MHz bandwidth and 52 dBm IIP3. It also requires
an impedance matching network which has been provided by using shunt inductors on either
side. The TAI-SAW transversal filter has a center frequency of 169 MHz, nominal loss of
1.5 dB and close to 9 MHz BW. Fig. D.3 and Fig. D.4 demonstrate the insertion loss, group
delay, and phase of the SAW devices.
Each gyrator consists of two SAWs sandwiched between two sets of FET quad-switches
(Peregrine PE4140). The quad-switches have an approximate Rsw=7.75 Ω. We have used
modulation frequencies of 50 MHz and 1.7 MHz for the gyrators using the 1.96 GHz and


























































































Figure D.8: 1.95 GHz circulator two-port S-parameter simulation (dashed) and measurement
(solid) results where the third port is terminated with a broadband 50 Ω load: (a) TX-ANT,























































































Figure D.9: 172 MHz circulator two-port S-parameter simulation (dashed) and measurement
(solid) results where the third port is terminated with a broadband 50 Ω load: (a) TX-ANT,
(b) ANT-RX and (c) TX-RX S-parameters.
169 MHz SAW filters. To analyze the gyrators using the harmonic conversion matrices
discussed before, we have extrapolated the available S-parameters of the SAWs in the out-
of-band region since the vendor’s S-parameter data is limited in its frequency range. We use
this extrapolated S-parameter response to calculate the ABCD parameters of each SAW
device. In our matrix calculations 230 harmonics are used. The calculated magnitudes and
phases of the S21 and S12 of the gyrators are shown in Fig. D.6 and Fig. D.7.
As can be seen from Fig. D.6 and Fig. D.7, the gyrator loss increases due to various
non-idealities such as switch resistance, in-band dispersion and limited BW of the filters.
Additionally, there exists a limited rejection at the side-bands due to the creation of even
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order harmonics as a result of the mixing effect shown in Fig. D.5.
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Appendix E
LPTV Verification of the Harmonic
Engineering Concept
A switched-capacitor commutator with phase-shifted clocks as depicted in Fig. E.1 has
three distinct operation regions: (I) a filtering region, (II) a sampling region, and (III)
a quasi-electrostatic wave propagation region. In the filtering region, in which the RC
time constant (where R=Z0) is much greater than the switch ON period (=D × Ts), the
commutator can resemble a band-pass filter between the two ports as can be seen in Figs.
E.2 and E.3. Additionally, it can provide a nonreciprocal phase response as shown before in
Chapter 2 by staggering the clocks driving the switches on either side to enable a compact
gyrator. For example, in Fig. E.2, the RC time constant is 100 times the switch ON period
D × Ts. In the sampling region, where the RC time constant is much smaller than the
switch ON period, the capacitor voltages follow the input similar to traditional samplers. In
this Appendix, we explore the third region of operation in which the RC time constant is
of the order of D × Ts. We analyze such an N-path structure with phase-shifted clocks in
this third region using the LPTV method described in Appendix B. The detailed analysis
described here provides insights into the inner workings of the Shekel circulators/isolators
desribed in Chapter 4. While the demonstration of nonreciprocal components in Chapter 4
are generalized and do not rely only on this region of operation; the intuitive understanding

















Figure E.1: A commutated four-path structure. The switches in each side are driven with
non-overlapping clocks each having a duty cycle of DTs = Ts/4. The clocks on either side
have a relative phase-shift τD.
of underlying reciprocal and nonreciprocal mechanisms of wave propagation can be useful in
understanding the material discuss in that Chapter.
E.1 Sampling versus Mixing Region
Fig. E.4 shows the simulated results for a 4-path structure in which the capacitance
value in each path is 10 pF (RC time constant=2D × Ts). In this case, while a filtering
profile can still be observed in the amplitude response, the S-parameters in the forward
and reverse direction are slightly different. Further lowering the capacitance results in a new
regime of operation in which quasi-electrostatic wave propagation can be achieved supporting
extremely broadband slow-wave propagation and overcoming the delay-bandwidth product
bounds of linear time-invariant devices. Fig. E.5 depicts the S-parameters of the same 4-path
structure for a capacitance value of 1.6 pF in each path(RC time constant=0.32D×Ts). We
have observed that in this region, nonreciprocity in the amplitude response can be achieved
by carefully staggering the clocks as shown in Fig. E.5. By exploring this region, we can
build completely inductor-less nonreciprocal circuits and systems in infinitesimal footprints
without the use of any passive microwave components other than capacitors.
To understand the behavior of the network in this third region, we performed frequency-
domain analysis of transmission in both directions. Our analysis revealed that the origin of

















































Figure E.2: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a capac-



















































Figure E.3: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a capac-
itance C of 50 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.
strong isolation and nonreciprocity is the counterplay between the 0th and the -1st harmonic
of the transmitted signal. Due to the delay between the input and output sets of switches,
the -1st harmonic of the signals oscillating at the frequency f−fs and transmitted from port
1 to port 2 and in the opposite direction pick up phases which have the same magnitudes
but opposite signs.
This is easy to understand intuitively, since the output switches lag behind the input
switches when seen from port 1, while the output switches are leading the input switches

















































Figure E.4: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a capac-

















































Figure E.5: Simulated S-parameters of a 4-path structure as shown in Fig. E.1 for a capac-
itance C of 1.6 pF and clock frequency of 1 GHz and a relative phase-shift of π/5.
by the same time when seen from port 2. The opposite signs of these phase factors in the
-1st harmonics allow them to interfere constructively with the fundamental harmonic from
port 1 to port 2, and destructively from port 2 to port 1, leading to nonreciprocity. At
a certain combination of frequency and switch delay (Fig. E.6), the -1st harmonic cancels
the fundamental one exactly, leading to perfect isolation. Note that the structure is lossless
and remains impedance matched to both ports for any delay between the switches. Under
the isolation condition, the energy incoming from port 2 is distributed among high order
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(a) (b) (c)
Figure E.6: Simulated results of (a) S21, (b) S12 and (c) S11/S22 for C=1.8 pF, clock frequency
= 1 GHz. Perfect isolation can be seen under proper selection of frequency and phase-shift
settings.
harmonics, predominantly, ±N , ±2N , ..., in full agreement with the energy conservation
principle.
Figs. E.6 show the simulation results of the system for C=1.8 pF and a clock frequency
of 1 GHz. As described before, under a proper selection of the operation frequency and clock
phase shift, the device realizes an isolator with giant nonreciprocity. As can be seen in Fig.
E.6, nonreciprocal behavior is seen at a frequency lower than the switching frequency and
its 3rd harmonic. The optimal clock phase shift required for this phenomena (for this given
capacitance value) is approximately π/5. The isolation direction can be changed by flipping
the order of the clocks, or at a phase shift equal to 4π/5.
E.2 LPTV Analysis of Two-Port N-Path Structure for
Z0C ≈ D × Ts
In this Section, we review the results of the LPTV analysis of two-port N-path structures
between the sampling and mixing regions (where Z0C ≈ D× Ts) and with a relative phase-
shift between the input and output clocks similar to the derivations in Appendix B. As
discussed in Appendix B, depending on the phase-shift between the clocks, three distinct
















Figure E.7: Two-port N-path structure kernel and its timing diagram.









τd < Ts. Here, we only discuss the results for the regions where the clocks are partially
overlapping (Region I and III). Fig. E.7 shows the phase-shifting two-port N-path kernel
and its corresponding clock signals S1 and S2. The time-delay between the two clocks is
assumed to be τD (τD < TsN ) or equivalently
2πτD
Ts
in terms of phase-shift. The time intervals
of such kernel are as below:






τ4 = Ts − τ1 − τ2 − τ3
(E.1)
The HTF of the structure shown in Fig. E.1 with partially overlapping clocks can be
described by Eq. (B.13). Here we further simplify the equations for the case of Z0C ≈ D×Ts.
The exact fundamental-to-fundamental S21 of the system (for any capacitance value) for an


















































in which N is the number of paths, fs is the switching frequency, Ts is the switching
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period, Rp = Rs ‖ Rl and fric = 1πRiC for i = s, l and p (Rs and Rl are defined in Fig. B.2).
We further assume that both ports are matched, i.e. Rs = Rl = Z0 and frc = 1πZ0C . α,
m1(f) and m2(f) are defined as:




j2πfτ1 − e−2πfrcτ1 (E.4)
m2(f) = e
j2πfτ2 − e−4πfrcτ2 (E.5)
A similar approach can be taken to derive S12, by solving the kernel shown in Fig. E.7
for an excitation at port 2 (it can be shown that this is equivalent to solve the circuit for the
same excitation at port 1 but flipping the order of the clocks, effectively replacing τD with










































Eq. (E.2) and Eq. (E.6) each consist of four terms. It can be seen that the first two
terms of S21 and S12 are equal (the reciprocal portion of the response). However, the last two
terms are different for the forward and reverse directions (contributing to the nonreciprocal
response). We can further write:
S21(f) = SR(f) + S21,NR(f), S12(f) = SR(f) + S12,NR(f), (E.7)
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in which SR(f) is the reciprocal portion and S21,NR(f) and S12,NR(f) are the nonreciprocal












































































As can be seen from the above equations, the response of even simplest case of 2-port
N-path structures is quite complex and cumbersome to calculate. Furthermore, for the
special case that Z0C ≈ D × Ts, we can approximate the response by assuming α ≈ 0 and







































A comparison between the exact and approximate formulas is shown in Fig. E.8 for
fclk=1 GHz, ∆φ = π/5, C=1.6 pF and 4-paths. Based on the equations above, we have
mathematically proven how this simple structure can provide a nonreciprocal magnitude
response. If designed properly, there can be a regime in which the SR(f) and S21,NR(f) add



























Figure E.8: Exact and approximated S21 and (b) S12 of the two-port N-path structure with





































Figure E.9: Breakdown of the real and imaginary parts of (a) S21 and (b) S12. fclk=1 GHz,
∆φ = π/5, C=1.6 pF and a 4-path structure have been used in this simulation.
constructively to provide low loss, while SR(f) and S12,NR(f) combine destructively to create
a deep notch. As can be seen in Fig. E.8, the approximated formulas work quite well to
predict the response of the systems except around the notch in S12. This is expected since
around this point, the response is very sensitive to the small changes in the reciprocal and
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nonreciprocal contributions (deep cancellation requires a good matching between the two).
It would be further interesting to look at the contributions of the reciprocal and nonre-
ciprocal portions to the final S-parameters of the circuit. Fig. E.9 shows the breakdown of
real and imaginary parts of S21 and S12. As can be seen, both the real and imaginary parts
of the signal propagating from right to left (S12) are close to zero at a frequency lower than
the clock frequency (marked on Fig. E.9(b)). This is the frequency in which the maximum
nonreciprocity can be achieved. This serves as the basis of the inductor-less nonreciprocal
isolators described in Chapter 4.
